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X-BAND HYBRID FRONT-END RECEIVER MODULE DESIGN
FOR SPACEBORNE SYNTHETIC APERTURE RADAR APPLICATIONS

SUMMARY

Synthetic Aperture Radars (SARs) are widely investigated active microwave imaging
systems which generate their own source of radiation. Due to their active sensing
nature, electrical performance and specification of microwave equipments such as SAR
Receivers and Transmitters directly effects the imaging performance. On the other
hand, synthetic aperture radars can be integrated into various airborne and spaceborne
platforms. Design methodology for microwave equipments greatly differs with utilized
platforms owing to unique environmental conditions and reliability requirements.

In the scope of this thesis, Spaceborne SAR Receiver Front-End Hybrid Module
design methodology is presented in detail. Firstly, Synthetic Aperture Radar theory of
operation has been briefly disclosed to reveal crucial radar parameters that determine
the quality of constructed radar images. Subsequently, SAR receiver related design
parameters are introduced which will be used as design constraints on following
chapters. Platform related design challanges and their sources such as radiation
tolerance and low probability of failure due to long mission lifetimes are elaborated
in detail. Because of the fact that SAR receiver front-end modules are part of a
complete receiver equipment, their electrical specifications and design constraints
are correlated to receiver system architecture that they are integrated. Therefore
most commonly used receiver design architectures are examined and a unique SAR
receiver architecture has been proposed. System level RF simulation approach has
been chosen to validate electrical performance of the proposed receiver. Prior to
system level simulations, part selection process which is severely constrained by
space environment, electrical performance and reliability concerns are presented in
detail. Consequently, receiver front-end module has been isolated from proposed
SAR receiver architecture based on frequency of operation, interconnection methods
of circuit elements and manufacturing technology preferences.

Finally, detailed design process of each individual RF/Microwave sub-blocks
which reside in SAR Receiver Hybrid Front-End Module is presented in depth.
Designed microwave integrated circuits (MICs), namely; LNA, Image Reject Filter,
Downconversion Mixer, Frequency Doubler, Harmonic Rejection Filter and LO Buffer
Amplifier are integrated into single enclosure to construct hybrid front-end structure.
Designed SAR Receiver Hybrid Front-End module can operate within 7500-8500 MHz
input frequency with 250 MHz signal bandwidth, provide more than 35 dB conversion
gain and 50dB Image Rejection while requiring power consumption less than 1.1W.
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SENTETIK ARALIKLI RADAR UZAY PLATFORMLARINA UYGUN
X-BANT HIBRID ON UC RF MODULU TASARIMI

OZET

Sentetik Aciklikli Radarlar (SAR) kendi olusturduklar radyo frekans dalgalarini
kullanarak hedef goriintiisii olusturabilen ve oldukca fazla arastirmaya konu olan
aktif mikrodalga goriintiileme sistemleridir. Bir¢ok farkli hava ve uzay platformuna
yerlestirilebilen Sentetik Aciklikli Radarlarin sistem gereksinimleri, bulunduklari
platformun kendine 6zel cevresel kosullar1 ve gorev siiresi ile ilintili giivenilirlik
isterlerine bagli olarak farklilik gosterebilmektedir.  Aktif sensor yapilarindan
dolay1, sinyal alict ve verici ekipmanlar gibi iizerlerinde tasidiklar1 mikrodalga
ekipmanlarin elektriksel ozellikleri ve performanslari goriintiileme kabiliyetlerine
dogrudan etki etmektedir. SAR altsisteminin parcalar1 olan mikrodalga ekipmanlarinin
tasarim yontemleri de platform ve gorev gereksinimlerine gore olusturulmaktadir.
Mikrodalga ekipmanlarin tasartm mimarileri; ¢evresel sicaklik kosullari, gorev siiresi
boyunca ekipman iizerine diisebilecek radyasyon dozu orani, ekipmanlarin gorev
siiresi i¢inde izin verilen en yiiksek ariza yapabilme ihtimali, elektriksel performans
gereksinimleri ve iiretim teknolojileri gibi tasarim girdileri birlikte degerlendirilerek
ortaya konulmaktadir.

Bu tez kapsaminda, Uzay Platformlarina Uygun Sentetik A¢ikli Hibrit On-U¢ RF
Modiilii tasarim metodolojisi detaylica sunulmugstur. RF Modiil yapilarinin SAR
alici/verici ekipmanlarin bir parcasi olmasi, SAR alici/verici ekipmanlarin ise biitiin
Sentetik Ac¢iklikli Radar sistemlerinin bir par¢asi olmasi gbz oniinde bulundurularak
yukaridan-agagiya tasarim yontemi benimsenmistir.  Yukaridan asagiya tasarim
yontemi ile sistem mimarisinden ekipman mimarisine, ekipman mimarisinden RF
alt-modiil ayrimina gecis yapilmistir. Gereksinimleri belirlenen RF hibrid modiiliin
detayl tasarimi ise uzay kosullarinda yiiksek giivenilirlige sahip malzeme, yari-iletken
ve liretim teknolojileri gdz 6niinde bulundurularak belirlenmistir.

Ik boliimde; Sentetik Aciklikli Radar sistemlerinin calisma yontemlerinin, geleneksel
radar sistemleri ile bircok benzerlik barindirmasi nedeniyle oncelikle geleneksel radar
sistemlerinin ¢aligma prensipleri ele alinmigtir. Bir radar sisteminin hedef ayirt
edebilme yetenegini belirleyen mesafe coziiniirliigii ve ¢apraz aciklik ¢oziiniirligi
ozelliklerini etkileyen sistem parametreleri degerlendirilmistir. Daha sonra Sentetik
Aciklikli Radar ¢alisma prensipleri ve kuramlari incelenmis, ¢alisma prensipleri
dogrultusunda olusturulacak radar goriintiilerinin kalitesini belirleyen sistem degisken-
leri elde edilmistir. Sentetik A¢iklikli Radar sistemlerinin yerlestirildikleri platformun
hareketinden yararlanarak; geleneksel radar sistemlerinin aksine, fiziksel boyutlar
kiiciik bir anten kullanarak ¢ok daha biiyiik radar antenleri ile saglanabilecek
capraz acgiklik c¢oziiniirliiklerine ulasabilecekleri dogrulanmustir. Sentetik Ac¢iklikl
Radar sistem parametrelerini kullanarak; hedeften yansiyan radar sinyallerinin gii¢
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seviyesinin, giiriiltii seviyesine oranini belirlemek amaci ile SAR Radar denklemi
tiiretilmistir.

Uzay platformlarinda kullanilan RF/mikrodalga ekipmanlarinin olasi bir ariza
durumunda tamir ve bakim imkanm1 olmamasi nedeniyle yiiksek giivenilirlige sahip
olmas1 gerekmektedir. Tasarimda kullanilan elektronik bilesenlerin ve materyallerin
bes ile yirmi yil arasinda degisen uydu operasyon siiresince maruz kalacagi sicaklik
degisimleri, iyonize doz etkileri, yiiksek enerjili parcagik etkilesimleri ve vakum
ortami altinda performans kayb1 olmadan ¢alismay siirdiirebilmelidir. Diger taraftan,
firlatma sirasinda firlatici kaynakli yiiksek ivme degerlerine sahip mekanik titresim
ve sok etkilerine kargt zarar gormemelidir. Ikinci boliimde; SAR sistemlerinde
kullanilan radyo frekans alic1 ekipmanlar ile ilgili tagiyic1 frekans bandi, radar sinyali
bant genisligi, dinamik bolge, giiriiltii faktorii elektriksel tasarim parametreleri ve
kullanilan platforma baglh radyasyon etkisi, yiiksek giivenilirlik ihtiyaci, malzeme
ve teknoloji limitasyonlar1 degerlendirilmistir.  Uydu platformlarinda kullanilan
ornek SAR sistemlerinin kabiliyetleri karsilagtirilmis ve ekipman mimari tasarimi
asamalarinda kullanilmak iizere hedef gereksinimler iiretilmistir.

Kablosuz haberlesme sistemlerinde kullanilan tasarim mimarileri, sistem isterlerine
gore bityiik farkliliklar gosterebilmektedir. Uzay sartlarina uygun kalifikasyona sahip
elektronik bilesenlerin yliksek maliyetleri ve limitli cesitliligi, mimari tasarimda
secilebilecek yontemleri sinirlandirmaktadir. Uciincii boliimde; en sik kullanilan alict
tasarim mimarileri incelenmis, uzay platformu SAR sistemlerinde kullanilmak iizere
zay1f ve giiclii yonleri degerlendirilmistir. Incelenen mimarilerin avantaj sagladiklari
alanlar bir araya getirilerek, 6zgiin Sentetik Ac¢iklikli Radar Alici Ekipman1 mimarisi
sunulmustur.

Bilgisayar destekli tasarim ortamlari, detayli tasarim asamasina ge¢ilmeden once
mimari tasarimi dogrulamak amaci ile kullanilabilmekte bdylece Ongoriilemeyen
tasarim eksikliklerinin hizlica giderilmesi i¢in pratik bir yontem saglamaktadir.
RF/mikrodalga alic1 ekipmanlari i¢in kritik olan kazang biitcesi, giiriiltii figiirii, lineer
operasyon gii¢ seviyesi aralig1, iiretilen istenmeyen sinyal seviyeleri gibi performans
parametreleri yiiksek dogruluk ile gozlemlenebilmektedir. Dordiincii boliimde;
sunulan ekipman mimarisinin elektriksel performansini dogrulamak amaci ile sistem
seviyesi radyo frekans benzetimleri yiiriitiilmiistiir.  Sistem seviyesi benzetimleri
gercekei kilmak amaciyla, uzay platformlarina uygun limitli elektronik bilesenler
ve/veya ayrik tasarim yontemleri belirlenerek benzetimlere girdi saglanmustir.
Benzetim sonuglar1 ile dogrulanan SAR alici ekipman mimarisinden; c¢aligilan
frekans bandi, elektriksel bilesenlerin baglanti yontemleri ve iiretim teknolojileri
degerlendirilerek Hibrid RF On-U¢ Modiilii kapsam1 belirlenmistir.

Besinci boliimde ise; kapsamu belirlenen Hibrid RF On-Ug Modiilii’niin iginde bulunan
RF/Mikrodalga alt-bloklarin detayli tasarim siirecleri ayrintilar1 ile sunulmustur.
RF On-Ug Modiilii; Diisiik Giiriiltiilii Yiikseltici, Goriintii Bastiran Filtre, Frekans
Indirgeme Karistirici, Frekans Carpici, Harmonik Bastiran Filtre ve Lokal Osilator
Yiikseltici mikrodalga entegre devrelerini icerisinde barindirmaktadir. Mikrodalga
entegre devreler; diisiik iletim kaybina, ortam sicaklifindan ve ¢alisma frekansindan
etkilenmeyen dielektrik sabitine, yiiksek egilme mukavemetine sahip aluminyum oksit
alt katmanlar lizerinde gerceklenmistir. GaAs yongalar ile yakin termal genlesme
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katsayisina sahip olan aluminyum oksit malzemesi ayn1 zamanda sicaklik degisimleri
sirasinda genlesmeden kaynakli kesme gerilmesi etkisini en aza indirgemektedir. Ince
film iiretim teknolojisi secilerek yiiksek frekanslarda devre performansini etkileyen
tiretim toleranslarinin etkisi zayiflatilmigtir.

Disiik Giriiltiilu  Yiikseltici devresi; GaAs teknolojisi ile iiretilen monolitik
mikrodalga tiimlesik devre yongasi kullanilarak tasarlanmistir. Genis bantta yiiksek
kazanc ve diistik giiriiltii figiirii saglayabilen yonganin kullanilan bant ici performansi,
harici empedans uyumlama teknikleri ile arttirilmistir. Yonganin ihtiya¢ duydugu
besleme gerilimi, altin tel-baglama iiretim yontemlerine uygun tek katli kapasitorler
ile aktarilarak besleme hatti iizerinde olusabilecek salinimlar engellenmistir.

Goriintii Bastiran Filtre devresi; mikrogserit dagitilmig eleman filtre yontemi ile
tasarlanmistir. Bant-geciren mikrogerit filtre mimarileri incelenmis, diizlemsel yapisi
ve daha az fiziksel alan kullanimi nedeniyle Firkete Filtre yapist tercih edilmistir.
Analitik simiillasyon yontemleri ile baglangic parametreleri belirlendikten sonra,
tasarim elektromanyetik Memont Metodu kullanilarak optimize edilmistir.

Frekans Indirgeme Karistirici devresi; cift dengeli mimariye sahip monolitik
mikrodalga tiimlesik devre yongasi kullanilarak tasarlanmistir. RF girig portu,
lokal osilator giris portu ve ara frekans c¢ikis portuna sahip karistirici devresi;
X-Bant’ta aldi81 isareti C-Bant’ta iiretilen lokal osilator isaretini kullanarak S-Bant’a
indirgemektedir.  Karistiric1 bilegenlerin port empedanslari, dogrusal olmayan
yapilarindan kaynakli calisma frekanslarina ve siiriilme giiciine gore degisiklik
gosterebildigi icin giris/cikis portlarina ayarlama dolgular: yerlestirilmistir.

Frekans Carpici devreleri pasif ve aktif olarak iki grupta incelenmektedir. Pasif frekans
carpict devreleri varaktor ve Schottky diyotlarin dogrusal olmayan karakteristikleri
kullanilarak, aktif frekans carpict devreleri ise transistorlerin dogrusal olmayan
calisma araliginda siiriilmesi ile ger¢eklenebilmektedir. Pasif frekans ¢arpici devrelerin
yiiksek giris giicii ihtiyac1 ve yiiksek doniisiim kaybina sahip olmasi nedeniyle, aktif
frekans carpict mimarisi se¢ilmistir. Transistor segciminde S-Bant ve C-Bant arasinda
genig bantli empedans uyumlamasi imkani saglayan ve yiiksek kazang verebilen SiGe
HBT teknolojisi secilmistir.

Harmonik Bastiran Filtre devresi; mikrogerit dagitilmis eleman filtre yontemi ile
tasarlanmistir.  Mikroserit filtreler arasinda en az fiziksel alan kullanimina ve en
yiiksek harmonik sinyal bastirma oranina sahip olmasi nedeni ile Parmakaras1 Filtre
yapist tercih edilmistir. Analitik benzetim yontemleri ile baslangi¢ parametreleri
belirlendikten sonra, tasarim elektromanyetik Memont Metodu kullanilarak optimize
edilmistir.

Aluminyum oksit alt-katmanlar1 iizerinde tasarlanan mikrodalga entegre devreleri
kovar taban plakasi iizerine yerlestirilerek bir araya getirilmis ve Hibrid On-Ug
Modiilii olusturulmustur. Modiil i¢cinde yiiksek gii¢lii lokal osilator sinyalinin RF girig
sinyaline kuplajin zayiflatmak amaci ile devreler iki ayr1 kavite i¢ine yerlestirilmisgtir.
Tasarlanan SAR Alic1 Hibrid On-Ug Modiilii 7500-8500 MHz giris frekans araliginda
250 MHz’lik radar sinyal bant genisligi, 35 dB doniisiim kazanci saglayabilmekte ve
1.1W’tan daha az giic tikketmektedir.
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1. INTRODUCTION

Synthetic Aperture Radar Systems provide a method to generate high-resolution
images where image quality does not depend on weather conditions or solar
illumination of the target surface unlike optical imaging systems. Primary application
areas of SAR systems are military reconnaisance and survaillance, terrain imaging,
tracking of environmental conditions and climate change, agricultural planning and

planetary surface mapping [1].

Principle of SAR operation relies on collecting radar echo signals reflected from target
surface where radar signals are generated and transmitted by SAR platform. Amplitude
and phase information carried on reflected radar signals depends on physical and
material characteristics of the target surface. Combination of multiple echo signals
while SAR platform is on the move simulates the effect of much longer antenna
aperture size with smaller physical antenna aperture. Signal and image processing

algorithms applied on collected echo signals provides high-resolution images.

LEO Satellite platforms are found to be excellent carriers for imaging SAR systems
due to complete coverage of the Earth Surface, low maintanence cost of satellite and
uninterrupted operation advantage. However designing electronics equipments for
spaceborne applications presents significant challanges due to radiation effects and
long mission life-times. Therefore spaceborne electronics are built upon radiation
hardened/tolerant, high-reliability parts and technologies which are very limited in
type and quantity. Reducing the risk of the failure for spaceborne systems are crucially
important since there are no ways to repair the hardware and schedule a maintanance

once the satellites has been launched into their operational orbit.



1.1 Purpose of the Thesis

This thesis present a methodology for designing a Synthetic Aperture Radar Hybrid
Front-End Module for Spaceborne Applications. Considering a RF receiver module
design requirements and boundaries depends on the receiver architecture that module
is placed into, complete receiver design architecture is presented at first in parallel
with system level mission requirements that are derived from current spaceborne SAR
programs. Therefore, three main stages of a spaceborne RF/Microwave front-end
design is covered in thesis, namely; derivation of system requirements, architectural
design of SAR receiver equipment and detailed design steps of Receiver Hybrid

Front-End module.

1.2 Literature Review

Synthetic Aperture Radar systems theory of operation, critical radar parameters and
signal processing methods has been published in detail by Curlander et al. [2],
Mahafza [3], Elachi [4], Lusch [5] and Lacomme et al. [6]. However aforementioned
publications are intended for solely academic purposes therefore does not possess
adequate information on SAR instrument design or spaceborne environment related
design constraints. On the other hand; several papers that presents in-depth knowledge
regarding SAR instruments have been issued by companies and agencies involved
in space industry such as Thales Alenia Space [7] [8] [9] [10], Airbus Defence and
Space [11] [12] [13] [14] [15] and European Space Agency [16] [17]. Although these
papers presented in various proceedings explain the system level architecture of the

different SAR RF instruments, design methodologies are not elaborated.



2. SYNTHETIC APERTURE RADAR

In this chapter, basic operation principles of Synthetic Aperture Radar (SAR) will be
examined. Design parameters which will be derived from theory shall be presented and
will be used for consecutive chapters. Since SAR systems can be deployed to various
platforms such as land, airborne and spaceborne platforms; several spaceborne SAR

applications shall be given in detailed as reference design platforms.

2.1 Introduction

Synthetic Aperture Radar (SAR) remote sensing technology has been proposed
as an alternative/complementary solution to Optical and Infrared Remote Sensing
Technologies by Carl A. Wiley in June 1951 [18]. Since its time of invention, SAR
systems has been used in wide range of applications such as environmental monitoring,

landscape mapping and military reconnaissance [5].

SAR systems are categorized as active remote sensing systems which uses their own
source of microwave radiation to collect data from reflected waves. Since passive
remote sensing technologies uses reflection of waves generated by solar radiation,
their performance depends on several visibility factors such as day/night conditions,
cloud formations and weather conditions. Due to their active nature, SAR systems
does not require an external radiation source therefore eliminates dependency on solar

illumination.

Theory of operation of the Synthetic Aperture Radar is very similar to conventional
radar. Since all radar systems operate on the same principle which is determining the
distinction between transmitted and received electromagnetic waves, main difference
between synthetic aperture and conventional radar systems comes from antenna

aperture size [3].



2.2 Radar Principles

First of all, it is essential to understand fundamental radar operations before
investigating SAR systems. Let us consider a radar signal pulse transmitted from a
fixed platform and its interaction with two stationary points in space as given in Figure
2.1. When we observe the reflected waves, there will be a time difference between
them due to spatial distance between the scatterers. Resulting time delay can be found
by dividing two times the distance between scattering points to wave propagation speed

_2Ar
o

At 2.1)

where Ar represents time delay, Ar is the spatial distance and c is the speed of an
electromagnetic wave. Multiplication by two arises from two-way propagation of

transmitted waves. In order to distinguish the points from each other, pulse width (7)

Ar

«
Propagation Speed = ¢

G 1=

' Point-1

Point-2

At =Ari2c

Figure 2.1 : Radar reflection of two points in space.

of the transmitted signal should be smaller than 2Ar/c. Otherwise echo signals will
overlap in time and will be interpreted as single point in the receiver side. Therefore
the minimum distance that can be discriminated between to points can be calculated
by

Ar=—. (2.2)



Since pulse width is related to radar signal bandwidth as 7 = 1/BW;

C

Ar —
" oBW

(2.3)

Ar is defined as Range Resolution. Smaller Ar results in better discrimination of
the targets which in return results in better radar performance. As it can be seen
from Equation 2.2 in order to improve the range resolution, pulse width should
be decreased. However there are hardware constraints which limits the minimum
pulse width that can be used in a radar system. Due to hardware limitations, pulse
compression techniques has been proposed as an alternative way to increase the

bandwidth of the radar pulse without decreasing the pulse width [3].

Using solely range discrimination methods, radar systems can generate 1-D mapping
of targets. If there is a relative radial velocity difference between targets and
radar platform, it is possible to differentiate the targets on a second mapping plane
(cross-range plane) utilizing doppler effect. Sample case of a system with stationary
radar platform and moving object with constant speed of V; is given in Figure 2.2.
Although moving object has a constant speed, radial velocity of two scatterer points

will differ with respect to stationary radar platform.

Target Speed = Vit

o«

Vp1 = Vt'cos(®,)

Distance =R
v,

Vp2 = Vt'cos(®g)

Figure 2.2 : Radar reflection from moving target.



Vp1 = Vicos6; 2.4)

and

Vo = Vicos6, (2.5)

represents radial velocity of scatterer points p; and p, with respect to radar platform.
Due to doppler effect, carrier frequency of the reflected radar waves will be shifted
depending on relative radial velocity of the scatterer points. Frequency shift of the

reflected waves can be calculated by

fdi == (2.6)
and
2V
fdy = /{’ 2 2.7)

where A is the wavelength of the radar wave. Doppler frequency difference of the

scatterers can be discovered using

2Vpr 2Vps
dy— fdy = . 2.8
fdi—fdy=— 1 (2.8)
inserting Equation 2.4 and 2.5 into 2.8:
2V, 0; — cosO
fdi — fdy = t(wsi 0s2), 2.9)
Cosine term in 2.9 can be expanded to multiplication of sine terms using cos(a) —
cos(b) = —2sin(%5)sin(%52) which results in
2V, 6,+6 06, -0
fa — fdy = = (~sin 1; 2)sin( 21 2)). (2.10)

It can be assumed that 6; — 6, is close to zero. Using small-angle approximation

sin(x) ~ x on Equation 2.10 and taking angle difference to left-hand side of the

equation:
fdy — fdr = _ivtsinel(el —6) (2.11)
o fdi=fda)A
(6 — 6y) = (6, (2.12)

As it can be seen from Equation 2.12, azimuth angle difference between scatterers

can be found utilizing doppler frequency difference of the reflected radar echos.



However in order to discriminate the scatterers from each other, projection of antenna

beam-width to the target should be smaller than the distance between scatterer points;
Ay = 2Rsin(®345/2) (2.13)

where R is the target distance, ®34p is the 3dB beamwidth of the antenna and Ay
is the smallest distance between scatterer points that can be discriminated from each
other. Antenna beamwidth projection on a aerial target has been given as an example

in Figure 2.3. Using small-angle approximation sin(x) ~ x on Equation 2.13 follows

Distance =R

T
P
_,47_.
-

Antenna 308 Beam Widih = D35

Gross-Range Aesolution = &Y

Figure 2.3 : Antenna beamwidth projection to aerial target.

that
Ay = RO3,4p. (2.14)

Since 3dB beamwidth of an antenna with aperture length of Lsqy7 and operating

wavelength A is equal to

O34 = A/LanT (2.15)

Equation 2.14 can be represented in terms of antenna aperture length and operating

wavelength as following formula

Ay = . (2.16)



Ay is known as Cross — Range or Azimuth Resolution. Smaller Ay results in better
discrimination of the targets which in return provides better radar performance.
Equation 2.16 shows the fact that; antenna aperture length should be increased in order
to improve the cross-range resolution. However physically length the antennas are

limited by platform installations which may not be feasable in practical applications.

2.3 Theory of Operation

Synthetic Aperture Radar is a special type of radar technology that can construct
high-resolution two-dimensional images of terrestrial surface while utilizing the
movement of the airborne or spaceborne platform. SAR overcomes the cross-range
resolution dependency on target distance by means of synthetically emulating much
bigger antenna in comparison to actual aperture length [2]. Spaceborne SAR platform
representation of operation is illustrated in Figure 2.4 . As satellite platform moves
with speed of Vsar in reference to earth surface, illumination area of the surface
is swept alongside satellite flight trajectory. Distance traveled by satellite during
illumination time of the target will result in collection of return signals with different
reflection angles therefore produce the same effect of a single physical antenna with
the aperture size of Dg4. Returned radar waves are collected by satellite for further
data processing in order to reconstruct image of the surface. Size of illumination area
depends on antenna 3dB beamwidth (), distance of satellite to earth surface (R;) and
wave incidence angle (). Ground swathe width can be approximated to
R;0

cos(r)’

W, ~ (2.17)

Reconstructed two-dimensional radar image consists of small cells that defines the
resolution of image. In order to achieve a high quality image, resolution should
be increased by decreasing the size of the cells that compose the image. Therefore
enhancement of the image quality directly depends on range and azimuth resolution
of the SAR system. These resolution cells can be visualized as given in Figure 2.5
and they will be referenced as azimuth and range cells throughout the chapter. Range

resolution of the satellite SAR platform represented in Figure 2.4 can be calculated
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Figure 2.4 : Spaceborne SAR platform operation.
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Figure 2.5 : 2-D radar image representation using resolution cells.




with
c
or=———-~
" 2w sin()

where BW is the frequency bandwidth of the radar signal, c is the speed of light and

(2.18)

Y is the wave incidence angle. Cross-range resolution of the satellite SAR platform

represented in 2.4 can be calculated with

Sy = AR (2.19)
Leyy

where A is the wavelength of transmission frequency of the radar signal, R is the
slant range and L.ss is the effective antenna aperture length. Evidently, range
and cross-range resolution equations of a SAR systems given in Equation 2.18 and
Equation 2.19 is similar to ones that are used on conventional radar systems given in
Equation 2.18 and Equation 2.16 except the fact that Lsyr is now replaced with L. .

L.y of a satellite SAR system can be found by

Leff = TliuminationVsAT (2.20)

where Tj1umination TEPrEsents the illumination time of the target and Va1 represents the
velocity of the satellite with respect to earth surface. Illumination time of the target
Ti11umination depends on antenna beamwidth ®3,p, slant range R and satellite velocity

Vsar with following formula

_ RSiﬂ@gdB (2 21)

TII lumination
Vsar

Assuming satellite is far away from the surface and antenna beamwidth is very narrow,

small angle approximation sin(x) /= x can be applied to 2.21

RO34p

Thitumination = m (2.22)

Inserting Equation 2.15 into Equation 2.22 and combining with Equation 2.20,

cross-range resolution of SAR system can be simplified to
5)/ = LANT (223)

Interestingly, cross-range resolution found in Equation 2.23 no longer has any

dependancy on slant range in contrast to conventional radars. This attribute of SAR
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Table 2.1 : Spaceborne SAR systems parameters.

System Parameters SENTINEL-1A PAZ KOMPSAT-5
Satellite Altitude 693 km 514 km 550 km
Incidence Angle 20-45deg 15-60deg 20-45deg

Range Resolution Sm 3m Im

Cross-Range Resolution Sm 3m Im
Operating Frequency 5.405 GHz 9.65 GHz 9.66 GHz
Maximum Bandwidth 87.6 MHz 300 MHz 120 MHz

Antenna Length 12.3m 4.8m 4m

makes constructing high resolution 2-D images with small antennas from distant
platform possible. In order to better understand effect of synthetic aperture, several
spaceborne SAR satellite systems specifications has been listed in Table 2.1 [19]. In
case of using a conventional radar for terrestrial imaging on SENTINEL-1A, PAZ and
KOMPSAT-5 platforms, antenna aperture length should have been 7693m, 5326m and
17080m respectively in order to achieve required cross-range resolution. As it can be

understood, several km antenna sizes are not practical in real world applications.

2.4 SAR Radar Equation

As described in Section 2.3, image reconstruction is accomplished by collecting and
processing echo signals reflected by the target area. Although range and cross-range
resolution determines the quality of the image; primarily, radar receiver should be
able to distinguish the received signals from noise level for further processing. Noise
level that is present in the SAR receiver could be originated from external or internal
sources in practical applications however only internally generated noise will be used
throughout the section for simplicity. Every electronic circuit intrinsically generates
white random noise due to thermal agitation of the electrons which is called Thermal
Noise. Owing to its white-noise characteristic, total thermal noise power of the radar

receiver within interested signal bandwidth can be calculated using
T hermalNoisePower = kT B (2.24)

where k is the Boltzman Constant, 7 is the temperature in Kelvin and B is the
bandwidth of interest. Successful detection and discrimination of the received echo

signals depends on the ratio of the received power level to noise generated by receiver
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electronics which is called Signal-to-Noise (SNR) ratio. SNR level of the single radar
pulse can be calculated using
P,

SNRSmgle - m (225)

where P, represents the received radar signal power.  Since SAR systems
transmit number of radar pulses and collect the return signals during the time it
takes to travel synthetic aperture length, collected data is integrated to improve
processed SNR. Time interval between two consecutive radar pulse is defined as
Pulse Repetation Interval (PRI). Assuming a SAR radar satellite platform with
synthetic aperture length of L.rs and platform velocity of Vsa7, number of pulses N

generated during timeframe of synthetic aperture synthesis can be calculated using

L
/7 4 (2.26)
Vsar PRI

Therefore overall SNR value after integration of the pulses is

PN LyyP
kTB ~ VsarPRIKTB’

Due to free space path loss and atmospheric effects, transmitted radar signals are

SN ROveml —

(2.27)

greatly attenuated while propagating in the air. Assuming SAR system uses same
antanna for transmit and receive operation on a target with radar cross section o,

received power level P, at the antenna can be calculated by
b PtG% Ao
" (47)3R4

where P, is transmitted radar signal power, Gay7 is the antenna gain, A is the

(2.28)

wavelength of the operating frequency and R is the target range. Inserting Equation

2.28 to Equation 2.27 reveals the final form of the SNRoyeran

LeffPl‘GiNT;LzG
SNROverall = 2.29
Overall = (4 7)3R4Vsu7 PRIKT B (2.29)
T =(F-1T, (2.30)

Examining equation 2.29 reveals the fact that overall SNR of the SAR system directly
proportional to Synthetic Aperture Length (L.rr), Transmitted Signal Power (Pr),
Antenna Gain (Gayr), Wavelength of the Operating Frequency (A) and radar cross
section (o). On the other hand inversely proportional to Radar Range (R), Pulse
Repetation Interval (PRI) and thermal noise power of the receiver (kT'B) where T

represents the receiver noise temperature [6].
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3. SPACEBORNE SAR RECEIVER DESIGN CONSIDERATIONS

3.1 Introduction

SAR Receivers play a crucial role in Spaceborne Synthetic Aperture Radar Systems.
Receiver electronics has to satisfy related equipment level requirements such as
signal bandwidth, noise figure and interference immunity while maintaining the
performance throughout mission lifetime. Even though lifetime varies between
different missions, satellite platforms are generally designed to operate five to fifteen
years in space environment owing to extremely high cost of satellite launch operation.
Additionaly, every electronic and mechanical part/equipment used on the satellite
should have very small probability of failure due to impossibility of maintanance
and repairability on the equipments once the satellite has been sent to its mission
orbit. These inherent challanges of a space missions impose stringent requirements
to spaceborne electronics design. In this chapter, receiver related design parameters
will be identified and isolated from SAR System Parameters discussed in Section
2.2 and Section 2.3. Practical design implementation constraints will be discussed
and elaborated. Several receiver design architectures will be examined and proposed

receiver design architecture will be presented.

3.2 Design Parameters

Main purpose of all SAR system is the construct a high quality image of target
area. As it is described in Section 2.2, range resolution and cross-range resolution
are the two substantial parameters that requires utmost attention while designing the
system. Equation 2.18 indicates the fact that only way to enhance range resolution
is the increase signal bandwidth of the radar signal. On the other hand, cross-range
resolution is directly proportional to real antenna aperture length used on satellite

platform. Hence higher frequency of operation is preferred in order to reduce the real
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antenna aperture length therefore enhancing the cross-range resolution. Eventually,
increasing the resolution of the image provides higher number of cells that represents
the image of the target. With higher number of cells, details of the reconstructed
image can be increased. As latter mentioned in section 2.4, increasing the number
of range and cross-range cells that represents the target area are not solely enough
to construct high quality SAR image. Radar receiver should be able to identify and
discriminate the incoming radar echo signals from noise levels. Higher received signal
power with respect to noise power will result in higher quality representation of each
range/cross-range cell. Equation 2.29 given in Section 2.4 represents the overall
received SNR of the radar signal. As is evident from the equation, lower receiver noise
temperature will increase the overall received SNR value. Therefore keeping noise

figure of the receiver low, directly improves the SAR System performance.

3.2.1 Carrier frequency band

In the last ten years, various SAR satellite mission has been launched into space by
agencies and ministries. SAR Satellites currently being flown has been given in Table

3.1 with their main characteristics and application areas. As it can be seen from list

Table 3.1 : Currently operational SAR satellites and main characteristics [19].

Mission Agency,Country Frequency Band Application
ALOS-2 JAXA, Japan L-Band Land Monitoring
COSMO-Skymed ASI/MoD, Italy X-Band Land Surface Topography

GF-3 Cresda, China C-Band Land Surface Topography
PAZ CDTI, Spain X-Band High Res. Imagery
RADARSAT-2 CSA, Canada C-Band Enviromental Monitoring

Tandem-X DLR, Germany X-Band High Res. Surface Imaging
TerraSAR-X DLR, Germany X-Band High Res. Surface Imaging

of SAR Satellites, frequency band of operations are focused on L-Band, C-Band and
X-Band. Due to enchanced cross-range resolution on higher frequency bands, X-Band
is the preferred frequency spectrum for high resolution surface imaging applications.

Therefore in the scope of this thesis, frequency band is selected between 7.6-8.4 GHz.
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3.2.2 Bandwidth

Theoratically; there is no limitation for maximum bandwidth that can be used in a
SAR System. However in practice, every electronic circuit has a limited frequency
band of operation due to their physical structures, limitations of utilized semiconductor
technology and size-weight-power(SWaP) requirements. Therefore minimum radar
signal bandwidth design parameter is derived from range resolution requirement. In
order to comply with a SAR system with 1m range resolution and 50° worst case wave
incidence angle, minimum receiver signal bandwidth can be calculated using Equation

2.18:
c 3%108

" 25rsin(y)  2sin(50°)

Considering wave incidence angle of the SAR radar signal will be subjected to

BW ~ 196MHz. 3.1

variations due to earth surface roughness and constant movement of the satellite,
required minimum bandwidth should be expected to change accordingly. For this
reason, %25 bandwidth tolerance has been added to minimum calculated receiver

bandwidth of 196M H7 to achieve final design parameter of 250M Hz.

3.2.3 Noise figure

The effect of noise is crucial to the performance of SAR receivers since the ratio of
signal power to noise power ultimately determines the quality of the received signal.
Noise power in a receiver could be introduced from the external environment through
the receiving antenna or internally generated by the receiver circuitry however only
internally generated noise powers will be taken into account throughout the thesis [20].
As received signal propagates through RF component chain, every active or passive
electronic part increase the in-band noise power therefore reduces the SNR . It is
important to design the receiver such a way that internally additive noise will be kept at
minimum level. Noise figure of a cascade RF chain with number of N serial component

can be generalized with following well-known formula [21] :

Bl B-l Fy—1

NF, = F] it ———
Cascade 1+ Gl Gl G2 + ...+ I_IQ/ZI Gn

(3.2)
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where Fj represents the losses before the first active element with gain, G is the gain
of the first amplifier in the RF chain. An example simplified block diagram has been
given in Figure 3.1. RF input signals propagate through an amplifier, filter and a

downconversion mixer respectively. Cascaded noise figure calculation of the front-end

AMPLIFIER FILTER MIXER

A
RF Input T R
ol

GA-‘;"F: 20dB |L_:|;_: 3dB
NF.L-'J:;-z 2.2dB

IF Qutput

CLr.'|;;(=-'1 2de

%

LOCAL OSCILLATOR

Figure 3.1 : Simplified block diagram of receiver front-end.

given in the Figure 3.1 can be calculated using Equation 3.2. Care must be taken to

convert decibel values to linear representation for correct result.

lo(le]L/l()) -1 10(CLM1x/10) -1
_ 10(NFapp/10)

N0 + 10(Gamp/10) + 10(Gamp/10) 1 ULF1L/10) (3-3)

Inserting relevant gain and loss values to the equation will result in

10(3/10)_1 10(12/10)_1

_ 10(2:2/10)

NF =10 + 10(20/10) + 10(20/10)10(3/10) (3.4)
NF; =~ 1.66+0.01+40.2962 ~ 1.9662 = 2.936dB. (3.5)

As it can be seen from the noise contribution of each stage given in the Equation 3.5,
losses after amplification stage has very small effect on total noise figure. Furthermore,
every lossy component before the amplification and noise figure of the amplifier
directly accumulate which in turn greatly increase the noise figure of the receiver front
end. If selected amplifier would provide 10db gain instead of 20dB, same calculation
would yield a total cascaded noise figure of 6.741 dB which increase the former noise

figure value by 3.805dB.
NF, =~ 1.66+0.1+2.962 ~4.722 = 6.741dB. (3.6)

In conclusion, noise figure of a receiver front-end can be kept low by following two

important design rules:
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* Pre-amplification losses should be minimized.

* An amplifier with low noise figure and high gain should be utilized.

3.2.4 Dynamic range

As it is derived in Equation 2.28, received SAR echo signal power is directly
proportional to radar cross section (o) of the target area. However surface
characteristics such as roughness, radar signal incidence angle and surface composition
greatly alter the backscattering coefficient therefore received power level. SAR
receiver should be able to differentiate and detect the signals with different power
levels. Margin between maximum and minimum detectable signal levels is called
Dynamic Range of the receiver [6]. Example spectrum representation of received radar

echo signal is given in the Figure 3.2. Dynamic Range of SAR Receiver equipments

>
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Frequency (Hz)
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Figure 3.2 : Example backscattered radar signal spectrum.

are usually defined by performance of the digitizer section. RF/Microwave blocks
of the receiver equipments aim to amplify and convert received signal to the proper
level for digitization process which is accomplished by Analog-to-Digital Converters
(ADC). RF or Analog signals are converted to sequence of bits according to the voltage

level of the signal at the sampling instants. However there are limitations on the
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minimum meaningful signal level for ADCs to distinguish signal from noise level.
Minimum detectable signal level (MDS) at the input of an ADC is in fact the voltage
required to assert least significant bit (LSB) of the ADC which can be calculated by

ADC Full Scale(Vy))
MDS(V) - 2 Number of Bits ' (37)

Assuming 12-Bit ADC with 2V, full scale voltage, minimum detectable signal level
is

2
MDS(V) = 57 = 0.000488V (3.8)

which is equal to —56.23 dBm input power in a system with 50 ohm characteristic
impedance. In this case, received echo signals should be amplified by RF/Microwave
sections to higher level than —56.23 dBm otherwise signal discrimination from noise
will not be possible. One possible method to reduce the minimum detectable power
level by the digitization process is to utilize a analog-to-digital converter with higher
number of bits. Higher number of bits provided by the ADC increases the resolution of
the digital representation of the signal therefore results in lower minimum detectable
power levels. ADC conversion visual representation in time domain with full-scale

signal amplitude has been given in the Figure 3.3. In the event of signal reception
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Figure 3.3 : Analog to digital domain conversion - Time domain representation.

with higher voltage level than ADC full scale limit, clipping of the signal occurs and
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integrity of the received signal will be lost in the digitization process. Furthermore,
signal saturation drives the ADC to non-linear operation region where it introduces
harmonics and intermodulation products at the output. In order to avoid non-linearity
related products, ADC should be driven in linear region where the voltage level of the
received signal is lower than full-scale voltage range.Time domain representation of

over-range scenario is shown in the Figure 3.4.
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Figure 3.4 : ADC over-range scenario - Time domain representation.

3.2.5 Radiation effects

Electronics in space environment are constantly bombarded by radiated particles
originated from cosmic rays, nuclear reactions on the surface of the Sun and entrapped
electrons reside in Earth’s magnetosphere [22]. These radiated particles possess
different energy levels therefore effects caused by collision of the particles with
semiconductor layers reside in electronics also depends on the characteristics and
energy level of the interacted particles. Among every particle present in space
environment; impact of electrons, photons, neutrons, protons and heavy ions on
electronics are well documented and studied over the course of many years [23] [24].

Radiation effects on semiconductors are generally divided into three main categories:
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* Total Ionizing Dose (TID)
 Single Event Effects (SEE)

* Displacement Damage (DD).

3.2.5.1 Total Ionizing Dose (TID)

Total ionizing dose (TID) is defined as the total amount of energy accumulated on
semiconductors over time due to interaction of ionized particles with the substrates.
Accumulated energy is highly dependent on the material, composition and geometrical
structure of the semiconductor process. Most commonly used unit for the TID
representation is 1 rad which is equal to 100 joule energy accumulation per kilogram
on the effected semiconductor [22]. Energy transferred to the semiconductor by
the impact of ionized particles generates new electron-hole pairs throughout the
oxide substrate layer. As generated p-type or n-type carriers propogate along the
semiconductor, positive or negative charge accumulates on oxide layer. In time,
amount of accumulated trapped particles increases and deteriorates the performance
of the semiconductor device [23]. How TID influences the device is depents on
the physical structure and construction. MOSFETSs generally exhibits reduction on
gate threshold voltage (Vgs) and increase on the drain-source leakage current as total
ionizing dose increases. As a result N-type of MOSFETSs’ becomes conductive even
at zero gate bias voltage while P-types would require much larger turn-on voltage bias
to switch from off state to on state. In silicon BJTs, TID increases the noise generated
by the device and diminishes the current gain (8) of the transistors. Since current
gain variations directly effect the operation of many integrated circuit, performance
degradation becomes inevitable. On the other hand gallium-arsenide(GaAs) and
silicon-germanium(SiGe) semiconductor technologies can withstand TID levels up to

>1Mrad without any performance degradations.

3.2.5.2 Single event effects (SEE)

Single event phenomenas are instantenous disruptions on the semiconductor that could
induce permanent(destructive) or temporary (non-destructive) damage to electronics.

Highly energetic particles with large mass such as heavy ions, protons and neutrons
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can transfer enough energy to circuit nodes to impair their operation conditions.
Single event effects are categorized into Single Event Upset (SEU), Single Event
Latch-Up (SEL), Single Event Transients (SET), Single Event Burn-Out (SEB) and
Single Event Gate Rupture (SEGR). In case of Single Event Upset (SEU); particles
collide with the memory section of the circuits and change the status of the stored
bits. If induced charge by the particle impact generates a low impedance path on the
semiconductor, current flow through the effected node rises which is called Single
Event Latch-Up(SEL). Increased current consumption by particle strike may result in
device failure due to elevation of the temperature along high current path. If particles
hit to input-output circuitry of the device, abrupt voltage spikes and transients (SET)
can occur on the voltage lines to temporarily disturb the data integrity. Single Event
Burn-Out (SEB) and Gate Rupture (SEGR) effects are usually observed on high current
devices. If perchance transfered energy by the particle impact shifts the bias condition
of the high current device, resulting current induced avalanche effect could destroy the

device [23].

3.2.5.3 Displacement Damage(DD)

In rare instances, high energy protons could knock-out an atom in semiconductor
lattice from its original location. If displaced atom has absorbed enough energy
from particle impact, it could also push other atoms back. Because of this chain
reaction, lattice composition could be severely damaged. Empty locations left behind
by displaced atoms generates new electron-hole pairs which in turn alters the minority

and majority carrier distribution in the semiconductor [24].

3.2.5.4 Radiation hardness and assurance

As the physics behind radiation effects on electronics are examined and understood,
various methods has been proposed to design and manufacture electronics parts with
resistance to radiation. Radiation hardening endeavours can be summarized into three

categories [23]:
* Radiation Hardness by Design (RHBD)

* Radiation Hardness by Process (RHBP)
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* Radiation Hardness by Technology (RHBT)

Semiconductor technology and related material engineering is ever-evolving area of
research and development. Technologies or parts nominated as a candidate for space
applications should gone through related total dose and single event radiation tests to

ensure proper operation in radiation environment [25].
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4. RECEIVER DESIGN ARCHITECTURES

In Chapter 3, RF Front End related design parameters and space environment
associated application considerations has been presented. Since every module and
part used in system are closely interrelated, equipment level receiver design and
architecture will be established prior to RF Front End design phase. Designed
architecture should provide a solution for all electrical requirements such as input
carrier frequency, signal bandwidth, dynamic range, interference rejection while
maintaining robust and reliable implementation considering radiation hardness,
reliability assurance, process and technology limitations. Taking account of their wide
range of usage and adaptability to various design requirements, three different design
architecture will be investigated in this chapter. Advantages and disadvantages of these
receiver architectures will be discussed in following sections and proposed receiver

design architecture will be presented.

* Super-Heterodyne Architecture
* Homodyne Architecture

* Direct RF Sampling Architecture [26].

4.1 Heterodyne Architecture

Invention of the Super-Heterodyne receiver can be traced back to the early 20th
century [27]. Although electronics parts that have been used for implementation
evolved drastically through time, main idea of operation is still same as of today.
High frequency carrier signal is downconverted to lower intermediate frequency(IF)
signal by mixing operation where it can be amplified, sampled and demodulated more
easily. Number of frequency downconversion stages can be increased to improve

spurious filtering of the receiver, enchance interference immunity characteristic and
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Figure 4.1 : Single stage Super-Heterodyne receiver block diagram.

provide wide-band coverage of RF input frequency. Generalized single stage and
dual stage super-heterodyne receiver block diagram has been illustrated in Figure

4.1 and Figure 4.2 respectively. Super-Heterodyne architecture provides distinctive

First Stage Second Stage
Downconversion Downconversion
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Local Oscillator-1 Local Oscillator-2
Dual Stage Super-Heterodyne Receiver

Figure 4.2 : Dual stage Super-Heterodyne receiver block diagram.

advantages on receiver implementation. Using fixed intermediate frequency (IF) allow
the designed to use narrow-band filters compatible with signal bandwidth to reject
unwanted signals efficiently. While keeping IF fixed, first stage local oscillator signal
(LOT) can be designed to be tunable in certain frequency range to allow different RF
input carrier frequency utilization with the same hardware. Higher number of stages
allow designer to distribute signal amplification gain to different frequency bands
which in turn prevents possible unwanted oscillation in the gain stages. Lowering
the carrier frequency from microwave bands (X,Ku,Ka) to low frequency bands makes

it possible to use lower cost analog-to-digital converters. Main disadvantage of the
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super-heterodyne receiver is high component cost, implementation area and power
consumption due to number of electronic parts used in implementation. On the
other hand, care must be taken to filter out image frequency and image noise in each

downconversion stage to prevent signal to noise degredation [28].

4.2 Homodyne (Zero-IF) Architecture

Homodyne receiver architecture downconverters the signal directly into baseband
instead of lower intermediate frequency bands by choosing local oscillator (LO)
frequency same as RF input carrier frequency. Utilization of quadrature mixer provides
image rejection without any external filtering component. Resulting baseband signals
are forwarded to digital conversion blocks using low-pass filters with cut-off frequency
that is equal to half of the signal bandwidth since each in-phase and quadrature
baseband components carries the half of the information. As an alternative to
super-heterodyne architecture, homodyne receivers can remove high frequency image
reject and spurious filters from the design consequently reduce the size, cost and power
consumption of the receiver. Example simplified homodyne receiver block diagram

has been illustrated in Figure 4.3. There are several drawbacks associated with
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Figure 4.3 : Homodyne (Zero-IF) receiver block diagram.

homodyne architecture. Due to imperfection of downconversion mixers and reverse
isolation limits of the amplifiers, small amount of synthesized LO signal leaks through

input section of the receiver circuitry. Since LO frequency is at the same frequency of
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RF input signal, leaked LO signal is amplified and feed back to downconversion stage
therefore producing DC voltage product by self-mixing operation. On the other side,
LO leakage could cause problems for surrounding equipments and systems if enough

power can reach to receving antenna.

Image-rejection performance of the homodyne receivers are also highly dependent
on phase and amplitude precision of the generated LO signals. As RF input signal
frequency therefore LO frequency increases, phase and amplitude imbalance also
increase on account of circuit parasitics and manufacturing variance of the electronic
parts. Thus, homodyne architecture becomes impractical to use in high frequency

applications.

4.3 Direct RF Sampling Architecture

Sampling speed and input signal bandwidth of the analog-to-digital converters
(ADCs) has been constantly improving with the advancements in the semiconductor
technologies. As of today, various part manufacturers can offer ADCs that can directly
digitize RF signals up to C-Band. As it has been discussed in previous sections;
main purpose of the downconversion stages shown in superheterodyne and homodyne
architectures is to lower the carrier frequency to the appropriate range where ADCs
can digitize the signal with high efficiencies. Utilization of RF ADCs into the system
can eliminate the downconversion stages in receiver chain with direct digitization of
signal in high frequency bands. As a result of this, number of components used
in design can be reduced which in turn reduce the size, complexity and cost of the
receiver. Simplified comparison of Direct RF Sampling Architecture with single stage
super-heterodyne architecture has been illustrated in Figure 4.4. Although reduced
part count brings enormous advantages to receiver design, there are several drawbacks
associated with RF ADCs performance limitations while using Direct RF Sampling
architecture. Investigation on electrical characteristics of RF ADCs offered in market
shows the fact that dynamic range and minimum detectable input power level greatly
diminishes as input RF frequency approaches the limit specifications. In order to meet

with the receiver dynamic range requirements derived from system level demands, care
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Figure 4.4 : Comparison of Direct RF Sampling and Super-Heterodyne receiver
architectures.
must be taken to ensure utilized RF ADC can support necessery input power range at

given RF input frequency.

Phase noise or jitter performance of local oscillator signal that is used on
downconversion stage and sampling clock signal which is driven to analog to digital
converter greatly effects the digitized signal quality. Integrated noise power caused
by phase noise of the RF input signal and ADC sampling clock greatly escalates as
their frequencies increase thus reducing SNR of the digitized signal. Therefore RF
sampling ADCs generally offer better quantization and SNR performance with lower

input carrier frequencies.

In conclusion; designing a X-Band SAR Receiver solely with Direct RF Sampling
Architecture is not considered as the optimum solution due to aforementioned

drawbacks summarized below:

* Maximum RF input frequency range of the currently offered space qualified ADCs

on the market can not reach to X-Band frequencies.
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* Dynamic range limitations of the ADCs while operating at high input frequencies
directly dominates the receiver dynamic range performance and can not be

improved by external design blocks.

* Reducing phase noise influence on received signal SNR impose significant

challanges in implementation.

4.4 Proposed Receiver Design Architecture

Examination of most widely used receiver architectures clearly shows that each
architecture has their strengths and weaknesses in different aspects. Apart from
electrical performance considerations such as input frequency band, receiver dynamic
range, signal bandwidth and phase noise; restrictions imposed by space environment
should also be taken into account while designing spaceborne electronics. Radiation
hardness and reliability assurance requirements limits the number of parts and
technologies that can be used in spaceborne applications. Evaluating all of these
factors; a mixed approach of combining superheterodyne and RF sampling architecture
deemed suitable for SAR Spaceborne Receiver with electrical and product assurance

requirements given in Table 4.1. X-Band input frequency range of the receiver

Table 4.1 : X-Band SAR receiver electrical and product assurance requirements.

Parameter Value Unit
Input Frequency Range 7500-8500 MHz
Signal Bandwidth 250 MHz
RF Input Power -120 to -80 dBm
Noise Figure <4 dB
Dynamic Range > 40 dB
Spurious Leakage < -60 dBm
Image Rejection > 40 dB
Interference Rejection >20 @ f.+250MHz dBc
Operating Temperature -20 deg to 60 deg C
Radiation Hardness > 50 krad
Lifetime 10 years

prohibits direct RF sampling due to RF ADC performance limitations on the space
qualified RF analog-to-digital converters currently offered by parts manufacturers [29]

[30] [31]. On the other hand; local oscillator leakage, image rejection performance
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and minimum RF input power requirements impose significant design challanges
with direct conversion due to inherent drawbacks of the architecture. Although
downconversion of the input signal to lower frequency range may improve leakage
suppresion and image rejection of the receiver, frequency spacing between the RF and
local oscillator (LO) signals should be chosen adequately distant to each other where
practical image-reject filters will be able to satisfy required suppresion performance.
Downconversion to lower S-Band provides several significant advantages. Distance
between RF and LO signal ease the image-reject filter design. Narrow-band surface
acoustic wave (SAW) filters with low insertion losses can be utilized in IF section
for superior signal selectivity which provide sharp filtering of mixing products,
unwanted interferences and anti-alias frequencies [32] [33] [34] [35].. On the other
hand; reducing the carrier frequency to lower S-Band makes employing a RF ADC
possible where signal can be directly digitized without any SNR degradation therefore
eliminating second downconversion section entirely. Proposed SAR receiver design

architecture has been presented in Figure 4.5. As stated in Section 3.2.3, placement
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Figure 4.5 : Proposed SAR receiver design architecture.

of low-noise amplifier (LNA) with high gain and noise factor as a first component in
RF chain ensures low cascaded noise figure performance. Image-reject filter utilization
before downconversion mixer provides supression of image noise and improve
selectivity of the RF front-end. Temperature variable attenuator (TVA) is placed at

the output of mixer to eliminate temperature related gain variance of RF Front-End
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chain [32]. C-Band local oscillator (LO) carrier required for downconversion operation
is synthesized by multiplication of the S-Band signal produced by phased locked-loop
(PLL) and VCO configuration. Harmonic suppresion filter is employed to suppress
unwanted fundamental and harmonic signal produced by frequency multiplication
operation. Multiplied LO signal is amplified to required power level where mixer
can downconvert the RF signal with low conversion loss. LO output power variation
due to temperature changes is reduced by utilizing second TVA at the end of LO
synthesis chain. Surface acoustic wave (SAW) filters with pass-band of 250MHz
provides spurious and anti-aliasing filtering functions. Gain and differential driver
amplifiers provides signal amplification and single ended to differential conversion
respectively in order to reach full-scale input power level of the ADC to benefit from
maximum attainable SNR from analog-to-digital conversion. Due to the fact that signal
bandwidth of 250 MHz requires minimum 500Mpbs sampling rate for data sampling
in order to avoid loss of information, sampling rate of 1 GHz is selected to benefit from

oversampling gain [36].
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S. SAR RECEIVER RF CHAIN ANALYSIS

System level analyses and simulations provide an effective way to observe electrical
parameters and performance of the designed architecture before detailed design stage.
Crucial performance metrics such as gain budget, noise figure, linear operation range
and spurious response can be easily examined to see if they indeed satisfy the target
performance specifications. Embedding real electrical characteristics of selected
parts to analysis environment produces realistic analysis results which could prevent
multiple design iterations in advance. In this chapter; system level RF chain analysis of
SAR receiver architecture proposed in Section 4.4 will be investigated in detail. Part
selection methodology and performed design iterations will be presented with their

justifications in accordance to results gathered by simulation steps.

5.1 Part Selection

5.1.1 Low noise amplifier (LNA)

Low noise amplifier plays an important role on receiver chain due to its dominant effect
on cascaded noise figure. Design or implementation of LNA should provide high gain
with low noise factor in order to reduce the cascaded noise figure of the receiver. Due
to its excellent noise figure, small signal gain and gain flatness performance, GaAs
(Gallium-Arsenide) MMIC (Monolithic Microwave Integrated Circuit) technology is
chosen for LNA block implementation. Although GaAs technology provides inherent
radiation tolerance, reliability concerns restrict the number of suitable parts and
foundaries for space applications. Therefore, required LNA part is chosen from
European Space Agency (ESA) approved UMS PH?25 Low Noise pHEMT process
[37]. Schematic diagram and electrical characteristics of selected low noise amplifier
within 7500-8500 MHz input frequency range are given in Figure 5.1 and Table 5.1

respectively. As it can be seen from electrical characteristics, chosen LNA can provide
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Figure 5.1 : X-Band LNA schematic diagram.

higher than 20 dB gain with less than 1.5 dB noise figure due to GaAs pHEMT process

with more than 90 GHz transition frequency.

Table 5.1 : X-Band LNA electrical characteristics.

Symbol Parameter Value Unit
G Gain 22.2 dB
G Gain Flatness + 0.05 dB
NF Noise Figure <1.5 dB
S11 Input Return Loss <-8 dB
S22 Output Return Loss <-12 dB

P1dB Output Power @ 1dB Compression >17,5 dBm
vdd Drain Bias Voltage 4 \"
Id Drain Bias Current 80 mA

5.1.2 Downconversion mixer (MIX)

Converting X-Band RF input signal to S-Band IF signal can be accomplished with
frequency mixers. However due to their non-linear and non-ideal characteristics,
frequency mixers generate various unwanted harmonics apart from target IF frequency.
Output spectrum of a generic RF mixer consists of sum and difference of input

frequencies and their harmonics which can be shown as;
foutput = £N -RF =M -LO where N : M € 7. (5.1)

where N and M are integer multipliers that represent harmonic order of RF and LO

frequencies. Example representation of downconversion mixer output spectrum is
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illustrated in Figure 5.2 where RF and LO frequencies are 8000 and 5800 MHz

respectively. Lower levels of intermodulation products generated by mixing operation

Power
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RF
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2200 MHz 2RF-2L0O:

4400 MHz

RF+LO:
2RF-LO: 13800 MHz

10200 MHz 3RF-2LO:
T 12400 MHz
A

t

Frequency

3LO-2RF:
14UUE'|HZ

2LO-RF
3600 MHz T

Figure 5.2 : Mixer output spectrum example.

results in lower filtering requirements on consequtive RF stages to filter out unwanted
frequencies. However, power level of the unwanted intermodulation products highly
depends on design topology of the mixer. Several commonly used RF/Microwave

mixer architectures are;

* Single Ended Mixer
¢ Balanced Mixer

¢ Double Balanced Mixer

Each mixer type has their advantages and disadvantages in comparison with each other.
In order to select most suitable mixer for design, their strengths and weaknesses should

be taken into consideration depending on the desired application requirements.

5.1.2.1 Single ended mixer

Single ended mixers are considered as simpliest mixer type that consist of a diplexer
circuit, single non-linear RF element such as diode or field effect transistor(FET) and
low-pass filter [38]. Diplexer circuit is used to combine RF and LO signal inputs and
provide isolation between RF and LO ports. If the power level of the combined signal

1s high enough to drive diode/FET to their non-linear operating region, desired mixing
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outputs can be observed at the output of the non-linear element. Low-pass filter is
used to suppress unwanted higher order spurious output signals at IF output. Required
LO signal power depends on forward voltage for the diodes and turn-on voltage for
FETs. However this dependency could be eliminated by DC biasing method which
also reduces the required LO signal power. In case of diode mixers, biasing the diode
close to their forward voltage results in on/off action with smaller LO swings. Same
approach can be used for FET mixers with biasing gate voltage of the mixer FET close
to turn-on voltage. Simplified single ended diode and FET mixer circuit schematics are

illustrated in Figure 5.3 and Figure 5.4 respectively. Main advantage of single ended
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Figure 5.3 : Single-ended diode mixer circuit.

Diplexer

Bandpass Drain Bias
Filter
: : RF Ghoke
: : Induct
=i > % I DCBlock nductor

Capacitor

1 H
1 H ¥
1 H
LO ' i % 3 DC Block
v . ' Capacitor
: . : RF Choke RE EET p
' ' Inductor
. H
' Bandpass ¥
' Filter :
H H
: H

Gate Bias

Figure 5.4 : Single-ended FET mixer circuit.

mixers that they can provide low cost solutions due to small number of parts used in
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the design. However signal isolation between RF and LO port is directly dependent on
performance of the diplexer which innately becomes smaller as RF and LO frequencies
get closer to each other in spectrum. Another crucial drawback of single ended mixers
is their input and output matching becomes troublesome for wideband applications due
to large impedance variations of non-linear diodes and FETs with changing RF/LO

frequencies.

5.1.2.2 Balanced mixer

Balanced mixer architecture consists of a 90° or 180° hybrid coupler, two RF diodes
and IF filter [38]. Replacement of diplexer with a hybrid coupler inherently isolates
the RF and LO ports thus improves the isolation between the ports while eliminating
bandpass filters at the RF and LO inputs. Input signals divided by hybrid coupler
drives anti-paralel diodes to generate mixing products. Simplified balanced diode

mixer circuit schematic is illustrated in Figure 5.5. Hybrid coupler also provides

) RF Diode Pair
3dB Hybrid Coupler 7
RF Ng Lowpass Filter

—> X 0 AL i
LAY 180 K1

>

\4

Figure 5.5 : Balanced diode mixer schematic.

even-order RF or LO intermodulation suppression at the IF output based on selected
port configuration. Considering 180° hybrid coupler symbol representation given in
Figure 5.6, signal fed to Port 1 will be equally divided in-phase between Port 2 and
Port 3. However; if signal is fed to Port 4, outputs will still have equal powers but
180° phase difference. Single ended to balanced conversion provides suppression
of even-order mixer intermodulation products of balanced input signal. Recalling
Equation 5.1, two possible set of spurious frequencies can be eliminated. In case of
RF signal is used to drive port 1, intermodulation products with even harmonics of LO

signal which is given in Equation 5.2 (RF £2LO,RF £4LO0,...) will be suppressed.

Ssupressea = £N -RF =M - LO where M =2k & k € 7 (5.2)
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Figure 5.6 : 180° Hybrid coupler symbol.

On the other hand; if LO signal is fed to port 1, intermodulation products with even
harmonics of RF signal which is given in Equation 5.3 (LO £2RF,LO +4RF,...) will

be seen suppressed at the output of the mixer.
Ssupressea = £N - RF =M - LO where N =2k & k € 7 (5.3)

5.1.2.3 Double balanced mixer

Double balanced mixer architecture consist of two baluns, four non-linear element
(Diode,FET) and IF filter. Baluns used in the design provides single ended to balanced
signal conversion for RF and LO signals which results in even order intermodulation
products suppresion of both RF and LO signals at the mixer output. Since RF and LO
paths are blocked by non-linear elements, double balanced mixers provide inherent
RF-LO isolation. Furthermore, baluns placed at RF and LO ports ensure broadband
matching for wide-band applications [38]. Simplified double balanced diode mixer

circuit schematic is illustrated in Figure 5.7. There are several drawbacks associated

Quad Diode

Ring
Lowpass

Filter

RF A=

Balun

LO
Balun

Lo

Figure 5.7 : Double balanced diode mixer schematic.
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with double balanced mixer topology. Any parameter difference of non-linear elements
used in ring configuration diminishs the intermodulation suppresion and RF-LO
isolation performance of the mixer. Although it produce significant challenge in
discrete designs where diodes are seperately packaged and placed on the circuit,
utilization of monolithic processes used in MMICs drastically reduce the parameter
variations of the non-linear elements therefore eliminate performance reduction.
Secondly, double balanced mixer circuits requires 3dB more local oscillator signal
power in comparison with single or balanced mixer circuits with identical non-linear
diodes/FET since LO drives two sequential non-linear element instead of one.
Examination of three different mixer architecture reveals the fact that double-balanced
GaAs MMIC mixers exhibit superior intermodulation suppression and port isolation
while providing inherent radiation hardness with only 3dB more LO signal power
requirement. Therefore decided as optimum solution for spaceborn SAR front-end
applications. Electrical parameters of selected space qualifiable mixer part within
7500-8500 MHz RF frequency range and 5500-6500 MHz LO frequency range are
listed in Table 5.2 [39].

Table 5.2 : Mixer electrical characteristics.

Symbol Parameter Value Unit

LOpoyer LO Drive Level +13 dBm
CL Conversion Loss 7 dB
NF Noise Figure <7 dB
LO-RF LO-RF Isolation <45 dB
LO-IF LO-IF Isolation <32 dB
RF-IF RF-IF Isolation <18 dB
IRL (RF) RF Input Return Loss <-8 dB
ORL (IF) IF Output Return Loss <-14 dB

5.1.3 Image reject filter (IRF)

As it can be derived from Equation 5.1, there are two frequency band which could
fall into desired IF frequency; LO 4 IF and LO — IF. Based on frequency planning
scheme, one of the two frequencies becomes Image Frequency that will degrade
signal quality in case of interference or increase the noise floor in the IF band at the

output of mixer. Therefore filtering image frequency improves the total noise figure
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and improves interference immunity of the receiver front-end. Distributed element
filter with microstrip implementation is chosen as the optimum design solution for
required image reject filter due to their convenience on circuit integration and flexible
customization. Target electrical specification of the image reject filter that can satisfy

receiver requirements is given in Table 5.3.

Table 5.3 : Image reject filter electrical characteristics.

Symbol Parameter Value Unit
fe Center Frequency 8000 MHz
BWi B 1dB Bandwidth >1000 MHz
IL Insertion Loss <2 dB
IRL Input Return Loss <-10 dB
ORL Output Return Loss <-10 dB
IR Image Rejection >50 @ LO-IF dBc

5.1.4 Local oscillator (LO)

Local oscillator synthesis block generates the LO signal required for downconversion
of received RF signal to lower intermediate frequency. Frequency stability and phase
noise performance of the LO signal have considerable impact on receiver performance.
Frequency offset carried by local oscillator signal directly shifts the downconverted
intermediate frequency with the same amount. Moreover, phase noise of the LO
signal and RF signal accumulate with each other while producing IF frequency at the
mixing stage which ultimately degrades the signal-to-noise ratio of the received signal.
Power level of the LO signal also should be considered and amplified to optimum
level defined by electrical characteristics of downconversion mixer. Inadequate output
power of local oscillator chain will increase the conversion loss of the mixer therefore
reduce overall gain of the RF signal path of the receiver. In case of superheterodyne
receiver architecture with wide input frequency range, local oscillator synthesis should
provide tunable output frequency to keep intermediate frequency fixed. Otherwise
received signal will be shifted out of passband range of IF filter and suppressed at
the IF signal chain. There are several methods to synthesize tunable local oscillator
frequency with low phase noise and high frequency stability. Dielectric resonator

oscillators (DROs) are one of the mostly used type of microwave oscillators which
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consists of a negative resistance microwave device and a dielectric puck with very high
dielectric constant. Coupling between microstrip line and dielectric material creates
resonance frequency and generates oscillation when combined with negative resistance
circuit. Schematic representation of dielectric resonator oscillator is illustriated in

Figure 5.8. DROs provides best phase noise performance and lowest cost among

Resonator Network Bias Network

Dielectric Resonator Puck :I ”_ ;

. :  Output
1 Matching Network

—

Microstrip Coupling Line i E

Negative Resistance
Feedback Circuit

Figure 5.8 : Dielectric resonator oscillator schematic.

other LO synthesis methods however their frequency tuning range is usually limited
within %1 of local oscillator frequency which inhibits their usage on receivers with
wide RF input frequency range. Voltage controlled microwave oscillators (VCOs)
on the other hand which consist of microwave negative resistance device, varactor
diode, resonator and bias network can reach up to %85 tuning range. Even though
discrete VCO design methodologies has limitations on achievable maximum output
frequency due to intrinsic parasitics associated with packages and interconnection of
utilized parts, monolithic designs are able to reach up to 80 GHz. Main disadvantage
of the voltage controlled oscillators are their poor phase noise performance if they are
left in free-running oscillation condition. However phased-locked-loops (PLLs) with

very low noise reference oscillators can be used to improve frequency stability and
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phase noise performance of the voltage controlled microwave oscillators. Schematic
representation of colpitts type voltage controlled oscillator is illustriated in Figure

5.9. In order to generate local oscillator frequency in the range of 5500-6500 MHz

Bias Network

LC Resonator

_____________________________

E fc
Varactor | E Y
Diode | 1|

— . : + C Harmonic Filter

Negative Resistance
Feedback

Figure 5.9 : Colpitts voltage controlled oscillator schematic.

with low phase noise, high frequency stability; employing tunable VCO phased
locked to reference oscillator via PLL circuitry has been found as optimum solution
for proposed SAR receiver application. Fractional-N type frequency synthesizer
designed on radiation tolerant silicon-on-insulator (SOI) process has been selected due
to the fact that it allows frequency tuning with small frequency increments due to
fractional division operation and provides immunity to TID and SEE effects [40] [41]
[42]. Functional block diagram and electrical parameters of selected SOI frequency

synthesizer part are given in Figure 5.10 and Table 5.4 respectively.

As it can be seen in Table 5.4, maximum RF frequency range of the synthesizer
limits the local oscillator frequency directly synthesizable by VCO+PLL pair to 5
GHz. Therefore, frequency multiplication approach has been deemed suitable to reach

targeted 5500-6500 MHz LO frequency range which is required for downconversion of
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Figure 5.10 : Fractional-N PLL functional block diagram.

X-Band input RF signal to S-Band intermediate frequency. VCO in phase locked loop

is used to generate LO signal between 2750-3250 MHz which is multiplied by two

with frequency multiplier. Unwanted fundamental and harmonic products are filtered

out with bandpass filter placed at the output of frequency doubler. Multiplied local

oscillator signal is amplified to power level required for downconversion mixer for

optimum conversion loss performance.

Table 5.4 : Radiation hardened PLL electrical characteristics.

Symbol Parameter Value Unit
Fin Maximum RF Frequency 5 GHz
Frer Maximum Reference Frequency 100 MHz
PN SSB Phase Noise <-110 @ 1 kHz dBc/Hz
FOM Figure of Merit <-227 dBc/Hz
TID Total Ionizing Dose Tolerance <100 kRad
vdd Supply Voltage <2.8 \Y
Idd Supply Voltage <80 mA

Due to lack of suitable space qualified frequency doubler parts offered by the

manufacturers, frequency multiplier is decided to be designed by discrete hybrid
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process. On the other hand, distributed element filter with microstrip implementation
is chosen as the optimum design solution for required harmonic suppresion filter due to
their convenience on circuit integration and flexible customization. Target frequency
multiplier and harmonic suppresion filter specifications are listed in Table 5.5 and

Table 5.6 respectively.

Table 5.5 : Target electrical characteristics of frequency doubler.

Symbol Parameter Value Unit
Pin Input RF Drive Level <4 dBm
CG Conversion Gain >0 dB

CGF Conversion Gain Flatness <t1 dB
S11 Input Return Loss <-10 dB
S22 Output Return Loss <-10 dB
Pro Fundamental Suppresion >20 dBc
Pr3 Third Order Suppresion >20 dBc
vdd Drain Bias Voltage 4 v
Id Drain Bias Current <30 mA

Table 5.6 : Target electrical specification of harmonic supression filter.

Symbol Parameter Value Unit

fe Center Frequency 6000 MHz

BW34p 3dB Bandwidth >1200 MHz
IL Insertion Loss <3 dB
IRL Input Return Loss <-10 dB
ORL Output Return Loss <-10 dB
- Fundamental Suppresion >30 dBc

- 3rd Order Harmonic Suppresion >20 dBc

5.1.5 Intermediate frequency filter (IFF)

Intermediate frequency filter is placed after downconversion stage to remove unwanted
spurious products originated from mixing operation and filter out interference signals
which possibly coupled to receiver input from external sources and propagate through
RF chain. Since the frequency is much smaller in comparison with RF and
LO frequencies, distributed element microstrip filter size increases proportional to
increased wavelength of the passband signal. On the other hand, S-band range
allows selection of ceramic and SAW filters for intermediate frequency filtering that

offer very high close band rejection ratios and narrow bandwidths with small form

42



factors. Although SAW filters exhibit smaller size and weight due to their monolithic
construction, procurement of a space qualified SAW filter with ~ %15 passband

becomes challanging. Therefore ceramic filter with electric characteristics listed in

Table 5.7 is chosen as IF filter.

Table 5.7 : Electrical specification of intermediate frequency filter.

Symbol Parameter Value Unit

fe Center Frequency 2200 MHz

BW3,p 3dB Bandwidth >275 MHz
IL Insertion Loss <14 dB
IRL Input Return Loss <-10 dB
ORL Output Return Loss <-10 dB
- Stopband Attenuation @ 1800MHz >35 dBc

- Stopband Attenuation @ 2600MHz >335 dBc

5.1.6 Intermediate frequency amplifier (IF-AMP)

Intermediate frequency amplifiers provide necessary gain to increase power level of
received signal in order to reach dynamic range of analog-to-digital converter. Due to
high reliability and intrinsic radiation hardness, hermetically sealed LTCC amplifier
manufactured with monolithic InGaP HBT process has been selected as intermediate
frequency amplifier. Since selected IF-AMP provides near perfect input and output
matching at S-Band frequency range, no external matching circuits is required for
proper operation. Electrical characteristics of selected IF-AMP at 2200 MHz input

frequency are given in Table 5.8.

Table 5.8 : Intermediate frequency amplifier electrical characteristics.

Symbol Parameter Value Unit
G Gain 20.2 dB
GF Gain Flatness +0.2 dB
NF Noise Figure <4 dB
S11 Input Return Loss <-20 dB
S22 Output Return Loss <-20 dB
P1dB Output Power @ 1dB Gain Compression >18 dBm
IP3 Third-Order Intercept Point >32 dBm
Vdd Drain Bias Voltage 5 \%
Id Drain Bias Current 71 mA
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5.1.7 RF analog-to-digital converter (RF-ADC)

Analog-to-Digital converter concludes the receiver chain by converting amplified and
downconverted input signal to digital domain for further processing of received data.
As semiconductor process technologies advanced through time, sampling speed and
input frequency range of the ADCs increased dramatically. Taking advantage of 28nm
CMOS and SiGe BiCMOS technologies, current ADCs can support sampling speed
up to 10 GSPS and input bandwidths that can cover up to C-Band. Space grade RF
analog-to-digital converter from Teledyne E2V is chosen for direct sampling of S-Band
IF signal. Functional block diagram and electrical characteristics of selected RF-ADC

are given in Figure 5.11 and Table 5.9 respectively. 12-Bit conversion resolution
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Figure 5.11 : RF-ADC functional block diagram.

and input bandwidth up to 4.3 GHz allows for direct digitization from S-Band without
SNR degradation. As aresult of direct sampling from S-Band, second downconversion
stage usually required for further frequency downconversion which is needed to lower
input frequency suitable for convential ADC input bandwidth is removed from receiver

RF chain.
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Table 5.9 : RF-ADC electrical characteristics.

Parameter Value Unit

Resolution 12 Bits

3dB Input Bandwidth 4.3 GHz

Sampling Rate 1.6 GSPS

Analog Input Full Scale Swing 1.0 Vpp

Signal to Noise Ratio @ 2200MHz 57 dBFS

Signal to Noise and Distortion Ratio @2200 MHz 56.5 dBFS
Effective Number of Bits 9.1 Bits
Power Consumption 23 W

5.2 RF Chain Analyses

Traditionally, RF Chain Analyses are performed on spreadsheet utilities to understand
cascaded system behaviour, gain budget, noise figure or spurious products.
However spreadsheet methods become inadequate for understanding impact of
crucial parameters such as RF mismatches between components, phase noise and
intermodulation effects due to part non-linearities and image noise related SNR
reduction. Computer Aided Software (CAD) tools allow designers to include
aforementioned non-idealities and produce closer results to real performance of the
manufactured equipment. Therefore, AWR Design Environment’s Visual System
Simulator (VSS) has been chosen as the simulation platform for RF chain analyses of
the proposed SAR Receiver. Electrical performance specification of selected parts and
targeted designs are imported on simulation platform to increase the accuracy of the
simulations. Designed block diagram for system level simulations is given in Figure

5.12.

5.2.1 Cascaded noise figure

As it is decribed in Section 3.2.3, cascaded noise figure of the receiver is
predominantly defined by the noise factor and gain of first element placed in the RF
Chain. Selection of a amplifier with low noise figure and high gain reduces the effect
of subsequent components to total cascaded noise figure performance of the receiver.
On the other hand, the noise figure and gain specifications of active RF components
varies with enviromental temperature therefore temperature effects has been taken into

account for operational temperature range of —20°C to —60°C. SAR receiver cascaded
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Figure 5.12 : SAR receiver system level simulations block diagram.



noise figure simulation results given in Figure 5.13 are consistent with theory and

lower than <2.8dB in worst case high temperature scenario.
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Figure 5.13 : Receiver cascaded noise figure results- System simulation.

5.2.2 Gain budget

RF signal power available at the input of the receiver needs to be amplified
throughout RF chain to place the signal into analog-to-digital converter dynamic range.
Considering proposed RF input power range of -120 to -80 dBm stated in Table 4.1
and ADC maximum input signal level of 1Vpp given in Table 5.9, required signal

amplification value can be calculated by

Gcascade = Maximum ADC Input Power — Maximum Receiver Input Power (5.4)
(Vpeak)2
2R

where R represents the characteristic impedance of 50 ohm and V), represents the

Gcascade = IOlog( (103)) - (_SO)dB (5.5)

peak voltage of ADC maximum input signal. Embedding related values to Equation

5.5 results in optimum system gain to reach full dynamic range of the ADC;

0.5)2
Gcascade = 10log( ( o 3 (10%)) — (—80)dB = 84dB. (5.6)

Number of gain amplifiers and attenuators are placed on the chain to adjust required
84 dB cascaded signal amplification. Gain budget analysis of the proposed receiver is

given in Figure 5.14.
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Figure 5.14 : Receiver gain budget analysis results.

As it can be seen from analysis results, there is approximately 3.6dB gain variation
between maximum and minimum temperature limits associated with temperature
dependency of the RF parts in the signal chain. In order to compansate gain variation,
temperature variable attenuator is placed on IF section. Temperature coefficient of
attenuation (TCA) of the TVA part can be calculated by following equation;

GTLow - GTHigh
(TLOW - THigh) (A”Fixed)

TCA = dB/dB/°C (5.7)

where G, and Gy, represents system gain at minimum and maximum operating
temperature in dB whereas T7,,, and Ty, represents the temperature limits in Celcius.

Inserting related parameters to Equation 5.8 with fixed attenuation value of 5dB;

(82.73) — (79.13)
((=20) — (60))(5)

Temperature versus attenuation graph of the temperature variable attenuator selected

TCA =

=0.009 dB/dB/°C (5.8)

according to calculated TCA value is displayed in Figure 5.15. Gain budget analysis
of the SAR receiver after placement of TVA shows that gain variation within operating
temperature range is reduced down to £0.4dB. Cascaded gain graph with TVA is

displayed in Figure 5.16.
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Figure 5.16 : Gain budget analysis result with TVA
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5.2.3 Linearity analysis

Transistors and diodes used in microwave/RF components have non-linear system
responses to input signals. Output function of generalized non-linear component can

be expressed with Taylor series of expansion in terms of input signal voltage Vjy;
Vour = co+c1Viy +c2Viy +e3Viy + .. (5.9

where coefficient of ¢y, ¢y, ¢2, ¢3 represents DC voltage output, linear conversion
factor and higher order harmonic generation of input signal respectively. Non-linear
output function can be turned into an advantage in frequency multiplication, frequency
mixing and power detection applications. On the other hand, non-linearity becomes
an issue in signal amplification due to unwanted output saturation, intermodulation
distortion and spectral regrowth which results in SNR degradation of received signal.
Linearity of an amplifier is generally expressed by their 1dB Compression Point (Pj4p)
and Third — Order Intercept Point (IP;). Input-Output function of an amplifier is

illustriated in Figure 5.17. Investigating Figure 5.17 shows the fact that gain of the
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IPige  1IP3

Input Backoff

Figure 5.17 : Input-output function of an amplifier.
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amplifier decreases as input signal power increases. Input signal power level where
amplifier gain is reduced by 1dB in comparison with ideal linear gain slope is defined
as Input 1dB Compression Point (Pizg). Moreover, harmonic products starts to
appear at the output spectrum with increasing input signal power. Interpolated virtual
point where output third order intermodulation signal power is equal to fundamental
output power is defined as Out put T hird — Order Intercept Point (OIP3). Third-order
products such as 2fy — f1 and 2] — fo could potential fall in signal bandwidth where
filtering will not be possible. In order to avoid signal degradation by third-order
products, maximum output power produced by amplifiers can limited. Generated
third-order intermodulation product power Poutyy3 can be expressed in relation with
output power (Poutr,;,.) and output third-order intercept point (OIP3) of an amplifier;

(POMtFund.)3

Poutyz = 5.10
Taking logarithm on both sides results in:
log(Pouty3) = 3log(Poutpyng.) — 2log(OIP3). (5.11)

Maximum attainable SNR in proposed SAR receiver is limited by analog-to-digital
converter performance given in Table 5.9 which is 57 dBFS. Third-order
intermodulation products generated by the amplifiers lower than 57dB in comparison
with fundamental signal power will reside in noise floor therefore will not further
degrade the SNR performance. In order to limit the Poutyy; to -60dBc with respect

to Poutr,,., maximum output power of an amplifier can be calculated by
log(Poutp,g.) — 60dB = 3log(Poutp,g.) — 2log(OIP3). (5.12)

Rearrenging Equation 5.12 results required output backoff from Poutjy; of the
amplifier:

30dB = log(OIP3) — log(Poutpyug.)- (5.13)

In order to keep third-order intermodulation products lower than 60 dBc, signal power
at the amplifier output should be 30dB lower than output IP3 level of the amplifier.

Signal power distribution on RF chain has been represented in Figure 5.18.

Figure 5.18 shows the fact that signal is amplified up to ~ 1dBm where the IF amplifier
has IP3 level of 32 dBm therefore output power back-off is sufficient to keep IM3
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Figure 5.18 : Received signal power distribution on RF chain.

products lower than 60dBc. Linearity analysis graph of the proposed SAR receiver

architecture has been shown in Figure 5.19 to validate theoretical calculations.

As it can be seen from Equation 5.11 and Figure 5.19 , power level of generated
third-order intermodulation (IM3) product increases with increasing signal output
power. Maximum power level in respect to fundamental signal is below 67 dBc where
the amplified signal reachs its maximum power on RF chain which is compatible with

theoretical calculations.

5.2.4 Spurious analysis

Downconversion of the received signal produce various unwanted spurious products
due to non-linearity of mixer. Although utilization of double-balanced mixer eases
the filtering due to suppressed even-order LO and RF intermodulation products, LO
leakage and odd-order intermodulation products will be present at output spectrum
of the mixer. On the other hand, keeping clean LO signal to drive downconverter

mixer also reduces the number of unwanted spurious products. Therefore it is crucial
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Figure 5.19 : Third-order intermodulation distortion analysis.

to analyze local oscillator spectrum and downconverted signal spectrum to adjust
filtering requirements if deemed necessary. Spurious analysis graph of the local

oscillator output has been shown in Figure 5.20. Due to frequency multiplication

— DB(RFI_PWR_SPEC(TP.TP18.TP.TP13.1.0,0.0.0)l)[~] (dBm)
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Figure 5.20 : Local oscillator output spectrum spurious signal analysis.

53



scheme chosen for local oscillator signal generation, fundamental (2900 MHz) and
third-harmonic (8700 MHz) of the reference signal are present in the spectrum however
highly suppressed because of the band-pass filtering after multiplication. Since
downconverter mixer requires minimum +13dBm LO power to satisfy stated electrical
specification, buffer amplifier is used to amplify the multiplied local oscillator carrier
. However non-linearity of the buffer amplifier causes second (11600 MHz) and third
harmonic (17400 MHz) signal generation at the local oscillator spectrum. Spurious
analysis graph of the downconverter mixer output where RF frequency is 8000 MHz
and local oscillator frequency is 5800 MHz has been shown in Figure 5.21. Source of
spurious signals presented in the spectrum has been given in detailed in Table 5.10.

Unwanted spurious signals which could propagate through RF chain and reduce
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-112.1 dBm
-130 (
0 10000 20000
Frequency (MHz)

Figure 5.21 : Mixer output spectrum spurious signal analysis.

the signal integrity are filtered at IF section with narrow band pass filters. Desired
intermediate frequency of 2200 MHz is further amplified to reach ADC full scale.
Spurious analysis graph at the end of RF receiver chain has been shown in Figure 5.22.

Examination of Figure 5.22 shows that mixer spurs generated by downconversion
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Table 5.10 : Spurious signals source of generation.

Frequency Power Source of Generation

(MHz) (dBm) (mLO=nRF)
2200 -51.64 RF-LO

3600 -87.13 2LO-RF

5800 -19.85 LO

8000 -62.63 RF

9400 -61.64 3LO-RF
11600 -79.82 2LO

13800 -51.64 RF+LO
17400 -112.1 3LO

step has been suppressed by the intermediate frequency filters. On the other hand,
non-linearity of the IF amplifiers results in generation of second and third harmonic of
the IF signal which is ~80 dBc lower than fundemental signal. Since maximum SNR
achievable by the proposed receiver architecture is limited by ADC SNR performance
of 57dBFS, generated harmonics are considered negligible and does not require further

filtering stages.
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Figure 5.22 : IF spectrum spurious signal analysis post-filtering and amplification.
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6. X-BAND HYBRID FRONT END DESIGN

Proposed X-Band SAR Receiver architecture has been divided into two physical
platform based on operating frequency, compexity of interconnection between circuit
elements, packaging types of selected parts and manufacturing tolerances. Since RF
MMIC parts used on high frequency blocks are unpackaged die parts, coefficient
of thermal expansion (CTE) difference between parts and microwave substrates
becomes critical for long term reliability [43]. On the other hand, manufacturing
tolerances on microstrip lines results in undesired performance variation which
eventually decrease the yield of the manufactured microstrip boards. Most particularly,
distributed element filters and matching circuits are highly susceptible to conductor
manufacturing tolerances where design performance greatly relies on line widths and
spacings. Moreover, dielectric and conductor losses of the selected substrates are
directly proportional to operating frequency therefore selection of a low loss conductor
on high frequency section reduces the unwanted path losses between signal paths.
Microwave Integrated Circuit (MIC) alumina substrates manufactured with thin-film
technology offers significantly low dielectric and conductor losses, precise etching
of conductor patterns and CTE of ~ 7ppm/°C which is closely matched to GaAs
CTE of ~ 6ppm/°C [44]. However thin-film MIC process is limited with single layer
construction and does not allow multi-layer high density designs. Due to utilization of
packaged parts and large number of interconnect required for mixed-signal and digital
circuits, multi-layer PTFE based printed circuit board (PCB) technology is found as
the best approach for IF and digital sections of the receiver. As a result, RF and LO
sections are separated from IF and digital sections to be designed and manufactured
with Thin-Film MIC technology. Physical separation of the proposed SAR receiver is

illustriated in Figure 6.1.
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6.1 Substrate Material and Stack-Up Construction

Alumina substrates with %99.9 purity provides excellent medium as a microwave/RF
circuit carriers due to their low dielectric losses at high frequencies, high flexural
strengths and thermal conductivity. Moreover, dielectric constant variation of high
purity alumina is negligeble with changing frequency, temperature and process due to
single material composition. Secondly, high dielectric constant results in reduction
on RF circuit sizes and dimensions where effective wavelength on microstrip line
is inversely proportional to dielectric constant of the substrate material. Electrical
and mechanical properties of %99.9 alumina substrate is listed in Table 6.1 [44].

Dielectric thickness can be used in thin-film %99.9 alumina substrates are standardized

Table 6.1 : %99.9 Alumina (AI203) substrate electrical and mechanical properties.

Properties Value |  Unit |
Flexural Strength 660 MPa

Bulk Density 3.97 g/cm?

Coefficient of Thermal Expansion 8 ppm/K

Thermal Conductivity 33 W/mk

Volume Resistivity le-15 o.cm
Dielectric Constant @ 10 GHz 9.9 -
Dielectric Loss Tangent le-4 -

within range of 0.1, 0.15, 0.2, 0.25 and 0.38 um. Metallization on top of the substrate
selected as gold in order to avoid oxidation of the conductor patterns which could
result degradation on electrical performance. However direct contact with gold and
alumina results in weak adhesion therefore requires thin intermediate metallic layers
to improve adhesion between substrate and conductor materials. Most widely used
metals placed between alumina and gold are titanium (Ti), palladium (Pd) and platinum
(Pt). Characteristic impedance of a microstrip line with thin metallisation layer can be

approximately calculated using following set of equation given in [20];

60 8h w
L _ Vet + ) W/h<1 o
" 1ox W/h> 1 :
Ve W h+1.393+0.667In(W /h+1.444)] >
Ee = 8;,—}- 1 & — 1 1 (62)
2 2 1+ 120/W
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where h represents the substrate height, W represents the conductor width and &,
represents the effective dielectric constant. Microstrip line width to substrate height
calculation for 502 characteristic impedance can be calculated by modifiying Equation
6.1 and Equation 6.2 as

8t
W/h<2
W/h= {ezm_z g1 0.61 = (6.3)
ZB—1—1n(2B—1)+5%={In(B—1)+0.39 =221 }] W/h>2

where
Zo 1&+1 & —1 0.11
A= — 0.23 6.4
60 2 &+1 ( + & ) ©.4)
37n
B= . 6.5
270/ & ©.5)

Solving Equation 6.3 and 6.4 for microstrip line with characteristic impedance of
a 50Q on alumina substrate with 9.9 &, results in width to height ratio (W /h) of
0.958. Assuming industry standart thin flim circuit tolerance of £5um, calculated
widths and impedance variations for 50 Q microstrip lines are listed in accordance

with possible substrate thickness values in Table 6.2. Resulting table indicates the

Table 6.2 : Conductor width & dielectric height vs manufacturing tolerance.

Dielectric Height (um) Conductor Width (um) Impedance Variation (Ohm)

100 96 +1.23
150 144 +0.73
200 192 £ 0.64
250 240 +0.51
380 364 + 0.42

fact that as dielectric height increases, impedance variation due to manufacturing
tolerance decreases. Furthermore, thicker dielectric substrates simplifies handling
of the designed boards in manufacturing and integration phase. Therefore dielectric
thickness of 380um is selected for substrate thickness for X-Band Hybrid Front-End
design. Verification of calculated microstrip line widths has been done on AWR
Design Environment Computer Aided Software (CAD) tool. Output of AWR software
microstrip line calculator is shown in Figure 6.2. Because of the fact that CAD
calculator includes the conductor thickness on microstrip line calculation, ~4um line

width difference arises between theoretically derived and software aided results.

60



katerial Parameters-

Diglectic | Alumina LJ Conductor |G|:|Id j é
Dielectric Constant Iﬁi Canductivity |‘°1-1 E-07 |5r’l'ﬂ ﬂ 'L . -T—
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Loss |7.45005 |dB/m v

Figure 6.2 : AWR Design Environment microstrip line calculator result.

6.2 LNA MIC Design

LNA MIC designed for hybrid front end consists of MMIC LNA die, wire-bondable
decoupling capacitors and a bias resistor. Electrical parts are placed on top of a %
99,9 alumina substrate with 381um dielectric thickness. Decoupling capacitors are
used to provide low impedance path for supply power required by low noise amplifier.
Bias resistor is placed for adjustment and fine tuning of LNA MMIC gain if required
after assembly. Wideband gain (S21), input reflection (S11) and output reflection
(S22) parameters of selected LNA part has been given in rectangular format in Figure
6.3. Input matching specification of the LNA within interested operation bandwidth of
7750-8250 MHz is higher than -10dB which could be considered as poorly matched.
Microstrip line impedance matching techniques is used to improve input matching of
the LNA part within operation bandwidth. Due to ease of manufacturing, tunability
and low cost, open stub transmission lines are utilized on matching circuit. In order
to achieve lossless power transfer and reflection due to impedance mismatch, source

impedance of the circuit should be equal to complex conjugate of the input impedance.
Zs =Rs =+ jXs =Ziy = Ry £ jXin (6.6)

Source impedance is taken as 50€2 + jO which is the industry standart for microwave

and RF systems. Normalization with respect to 50Q characteristic impedance results
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Figure 6.3 : LNA wideband scatter parameters.

in

Z;=14+j0=27Z;, = Rjn + jXin. (6.7)
In most cases, load impedance of the transmission lines consists of real and imaginary
part in their impedance representation due to reactive parasitic elements. Impedance
matching between purely resistive source to reactive load can be accomplished with
utilization of Microstrip L Section which consists of two reactive elements constructed
by microstrip lines. Visual representation of L section matching network has been

shown in Figure 6.4. Input impedance Z;y of the network given in Figure 6.4 can be

calculated by

1 1
Ziy = = — (6.8)

- 1 -
JB+ X+Z1 JB+ TXTR+JXL

Embedding Equation 6.6 into Equation 6.8 results in equation which relates input

impedance to load impedance for perfect matching condition:

——— = jB+ _ . 6.9
Rs+jXs * Rp+ j(X +X1) (©2)
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Figure 6.4 : L-Section impedance matching network.

Rearranging and separation of real and imaginary part of the Equation 6.9 produces

two equation with unknown X and B values;
R; —Rg= —B(XR5+XL+R5+RLXS) (6.10)

X+XL:BRLR5—X5(B(X+XL)—1). (6.11)

Since source impedance of the system is purely real (Zg = Rg + jO), Equation 6.10

and Equation 6.11 can be simplified into following forms by replacing X with 0;
R —Rs = —B(XRgs+ X1 +Rs) (6.12)

X +X; = BR,Rs. (6.13)

Solving for B and X produce two set of equation that provide elegant way to find B

and X values in terms of load impedance and source impedance;

Rp(Rs—Rr) — XL (6.14)
g+ V(&s ;RL)/RL. (6.15)
S
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In order to calculate required reactance and susceptance values of X and B, input
impedance of the LNA is acquired from scatter parameters which is represented in

Figure 6.5 smith chart. As it can be read from Figure 6.5, normalized input impedance

1 LNA Input Impedance Smith Chart

Swp Max
8.5GHz

-2-5(1,1)
Sij_CHA3666_high_current

m1:

8 GHz

r0.44934

x-0.23326
Swp Min
7.5GHzZ

Figure 6.5 : LNA input impedance @ 8 GHz.

of the LNA is equal to Z; = Ry + jXr = 0.45 — j0.23. Inserting related values to
Equation 6.14 and 6.15 results in required reactance and susceptance value for

matching L network:

0.45(1—0.45) +0.23 (6.16)
B i\/(1 —0.145)/0.45. 6.17)

There are two sets of values that will result in exact match condition. Series
reactance value of X and parallel susceptance value of B has two possible solution;
{+0.73: -0.22} and {+1.1: -1.1} respectively. First set of solution which is X =
+0.73,B = +1.1 is chosen for further calculations. Validation of calculated results

and determining initial values of microstrip line lengths to achieve needed reactance
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and susceptance values are performed on smith chart tool due to its convenience and

simplicity. Starting from input impedance of the LNA at 8 GHz operating frequency

05_ -tt
o %@B

Figure 6.6 : LNA input matching on Smith Chart.

which is the load impedance of input matching network, series reactance value of
X =+0.73 has been added to reach constant admittance ¥ = 1 circle. Electrical length
required to create aforementioned reactance is found to be approximately 0.13A. In
order to add parallel susceptance of B = +1.1, impedance value achieved by addition
of series reactance has been projected into constant impedance R = 1 circle. Addition
of paralel susceptance results in input impedance of 1 + jO which provides the perfect
matching condition for frequency of 8 GHz. In case of utilizing open circuit stub
to generate paralel susceptance value of B = +1.1, required electrical length is equal
to approximately 0.115A. Physical microstrip line lengths of stub distance and stub
length which generates series reactance and parallel susceptance respectively are found
as;

Ly =0.134 =0.13 % 14.48mm ~ 1882mm (6.18)
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Lp=0.115A =0.115% 14.48mm ~ 1665mm (6.19)

where guided wavelength of 8 GHz (A) on alumina substrate defined in 6.1 is
equal to 14.48mm. Post-matching wideband gain (S21), input reflection (S11) and
output reflection (S22) parameters of LNA MIC board are presented in rectangular
format in Figure 6.7. Input reflection of the LNA within operating bandwidth of
interest is improved to S11<-18 dB which verifies that theoratical calculations are

compatible with CAD simulation results. 2-D and 3-D layout illustration of designed

1_LNA XBand_Matched Rectangular
50 mé: ' mé:
7.8 GHz 8.2 GHz
22517 dB 22.65 dB
0
4:
-12.646 dB 1 - - DB(|S(1,1)])
P -16.765 dB 2_LNA Matching
5-DB(|S(2,1)])
-18.916dB || | -23.62dB 2_LNA Matching
-~ DB(|S(2,.2)])
2_LNA Matching
-100
1 6 11 16 20
Frequency (GHz)

Figure 6.7 : LNA post matching wideband scatter parameters.

MIC board is shown in Figure 6.8 and Figure 6.9 respectively. Interconnection
between microstrip lines, LNA MMIC die and decoupling capacitors are implemented
by 25um gold wires. Input matching open stub is divided into two sections to decrease
the length of the single stub. Additional bonding pads are placed alongside input
and output transmission lines to provide post-manufacturing tuning to compansate
unwanted impedance variations that could originate from manufacturing tolerances,
MMIC performance variations and additive bonding wire impedance uncertainities.
End points of RF transmission line are enlarged to compansate inductive effect of

bonding wires. Total area of the circuit is confined within 80mm?>.
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Figure 6.8 : LNA MIC 2-D visual.

Figure 6.9 : LNA MIC 3-D visual.
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6.3 Image-Reject Filter Design

Image Reject Filter placed after first low noise amplification stage provides two
distinctive advantage to front end design. Firstly, IRF is designed to suppress image
noise which would increase the noise figure of the receiver if not filtered. Moreover,
bandpass response of the filter improves the selectivity of the receiver by filtering any

unwanted out-of-band interference signals.

6.3.1 Mathematical model

Theoratical parameter derivation of bandpass filter is initialized with low-pass filter
prototype design. Among Butterworth, Gaussian, Chebyshev and Elliptic filter
responses, Chebyschev function filter is taken into consideration due to superior
rejection and low passband ripple performance [45]. Generalized filter transfer

function can be defined as

1

(P = —FF—
‘ 21(] )’ 1+£2Fn2<'Q')

(6.20)

where Q represents frequency, € is passband ripple constant and FZ(Q) is the
frequency dependent transfer response of the filter. Insertion loss and return loss

performance of the generalized filter can be calculated by

1
La(Q) =10log——=dB 6.21
Lg(Q) = 10log[1 — |S21 (j&)|*)dB (6.22)

where L4 (Q) represents insertion loss and Lg(Q) represents return loss performance
of the filter [45]. Lowpass filter prototypes are base starting points to analytical
calculations of filter synthesis. They can be used to determine the minimum order of
the filters for required attenuation on specific frequency and derive the initial values for
filter component values prior to detailed design phase. Lumped element representation
of nth order Chebyshev lowpass filter prototype and Elliptic Function lowpass filter

prototype has been illustriated in Figure 6.10 and in Figure 6.11 respectively.

68



dy ds 9n
PORT 1

Y0
92

PORT 2

Figure 6.10 : nth order lowpass filter prototype.
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Figure 6.11 : nth order elliptic function lowpass filter prototype.

6.3.1.1 Chebyshev type lowpass filter prototype

Chebyshev filter response varies with predefined passband ripple requirement.

Frequency dependent transfer response of the Chebyshev type filter is

1

= T30 2T2(Q) (6.23)

1521 ()2

where T), represents the Chebyschev function of the first kind of order n with following
equations;

(6.24)

T cos(ncos™1Q) |Q| <1
" Y cosh(n cosh™1Q) Q| >1

Transfer function coefficients of Chebyshev type lowpass filter prototype can be

calculated using following formulas

go=1
2 T
g1 = —sin(=—)
Y 2n (6.25)
Asi Qi-1)my . 1(2i-3)x
g sin| o Jsin 5] fori=2,3,4,..n

gi-1 P sin?[(E0T
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Figure 6.12 : Chebyshev lowpass response.
where 8 and ¥ can be calculated using
B = In[coth( Lar )] (6.26)
17.37
and
Y= sinh(ﬁ). (6.27)
2n

Minimum number of filter order to satisfy target image rejection which is stated in

Table 5.3 can be calculated by

1 10UR/10) _1
cosh 100 PBRippie) |

nz cosh—1Q (6.28)

where IR represents image reject value in dB, PBg;,p represents passband ripple in
dB and € is the image frequency normalized to center frequency of image reject
filter [45]. As it can be seen from Equation 6.28, order of the filter needed to achieve
required image rejection value increases as passband ripple parameter decreases. Since
received input signals with 250 MHz bandwidth propagates through image reject

filter, low passband ripple is prefered to prevent any amplitude variation within input
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signal bandwidth. However smaller passband ripple parameter will result in higher
number of filter order thus increases the physical size and complexity of the realizable
fillter. Therefore, a trade-off between filter size/complexity and passband ripple is
investigated to decide filter order for implementation. Normalized value of € which
represents bandpass filter centered on 8GHz with 1 GHz bandwidth is calculated with

_ BW -
(Feenter J;n;;ge)H(z)):‘SGHZ 4GIHZ|+<1/2>:4.5. (6.29)

Q=

IR = 50dB image rejection requirement and Qg = 4.5 normalized image frequency
is inserted into Equation 6.28. Minimum number of stages versus passband ripple
PBR;pple values are calculated using Equation 6.48 and given in Table 6.3.

-1 10°5—1
cosh \/ TA0TPBRi e
PRipple _
: 1 (6.30)

cosh=1(4.5)

In order to have symmetrical filter structure, odd number of filter stage is prefered in

nz

Table 6.3 : Chebyshev type filter order calculation vs passband ripple.

PBRiypie (dB) Calculated "n” Minimum Required Filter Order
0.01 4.342 5
0.05 3.972 4
0.1 3.812 4
0.2 3.651 4

implementation phase. Therefore fifth order filter is chosen as an optimum solution
which can provide 0.01 dB passband ripple while maintaining 50dB image rejection.
gn coefficients of Chebyshev lowpass prototype filters can be obtain from precalculated
coefficient tables. Coefficient values of prototype filter with orders up to seven and

several passband ripple values are given in Table 6.4, Table 6.5 and Table 6.6 [45].

6.3.1.2 Chebyshev type lowpass filter prototype to bandpass filter transformation

Coefficient tables are used to determine inductive and capacitive elements which
constitute microwave filters. Constructed lowpass prototypes can be converted
to lumped element bandpass filters using frequency and element transformation
equations. Frequency transformation from lowpass prototype to bandpass filter

implementation is performed with

Q- (—— =2 6.31)
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Table 6.4 : Coefficient values of Chebyshev lowpass prototype filters for 0.01 dB
passband ripple.

PBgippie 0.01 dB

n gl g2 3 g4 g5 g6 g7 g8

0.0960 1.0 - - - - - -
0.4489 0.4078 1.1008 - - - - -
0.6292 0.9703 0.6292 1.0 - - - -
0.7129 1.2004 1.3213 0.6476 1.1008 - - -
0.7563 1.3049 1.5773 1.3049 0.7563 1.0 - -
0.7814 1.3600 1.6897 1.5350 1.4970 0.7098 1.1008
0.7970 1.3924 1.7481 1.6331 1.7481 1.3924 0.7970 1.0

NN BR W=

Table 6.5 : Coefficient values of Chebyshev lowpass prototype filters for 0.043 dB
passband ripple.

PBrippie 0.04321 dB

gl g2 g3 g4 g5 go g7 g8

0.2000 1.0 - - - - - -
0.6648 0.5445 1.2210 - - - - -
0.8516 1.1032 0.8516 1.0 - - - -
0.9314 1.2920 1.5775 0.7628 1.2210 - - -
0.9714 13721 1.8014 1.3721 09714 1.0 - -
0.9940 1.4131 1.8933 1.5506 1.7253 0.8141 1.2210
1.0080 1.4368 1.9398 1.6220 1.9398 1.4368 1.0080 1.0

N Ok W =B

Table 6.6 : Coefficient values of Chebyshev lowpass prototype filters for 0.1 dB
passband ripple.

PBrippic 0.1 dB

n gl g2 g3 g4 g5 g6 g7 g8

0.3052 1.0 - - - - - -
0.8431 0.6220 1.3554 - - - - -
1.0316 1.1474 1.0316 1.0 - - - -
1.1088 1.3062 1.7704 0.8181 1.3554 - - -
1.1468 1.3712 19750 1.3712 1.1468 1.0 - -
1.1681 1.4040 2.0562 1.5171 1.9029 0.8618 1.3554 -
1.1812 1.4228 2.0967 1.5734 2.0967 1.4228 1.1812 1.0

~N N BN -
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where @, and @, represents passband corner angular frequencies, @y is center angular
frequency and FBW is fractional bandwidth of the filter [45]. Center angular

frequency wy and fractional bandwidth of the filter are defined as

FBW = 2~ (6.32)
o
and

Wy =/ . (6.33)

Applying frequency transformation in Equation 6.31 into reactive elements g, shown
in Figure 6.10 shows the fact that inductive and capacitive elements included
in lowpass filter prototypes are converted to series and parallel inductor/capacitor

resonant pairs [45]:
Qg |, 1 Qeong
FBWawy jo FBW

Element transformation from lowpass prototype to bandpass filter is illustrated in

Qg— > jo (6.34)

Figure 6.13. Derivation of real inductor and capacitor values are calculated by

....................................................................................

Figure 6.13 : Generalized lowpass to bandpass element transformation.

following set of equations where lowpass prototype filter coefficients are taken from

coefficient tables

Q. 1
= Faway) ™ CT gL, (6.35)
PUOFBWay'Zy " (03Cp)
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where Zj is the chosen characteristic impedance of the system. Lumped element

representation of image reject filter with 8 GHz center frequency and 1 GHz bandwidth

with calculated inductor/capacitor values is shown in Figure 6.14.

Simulation
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P=1
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IND
ID=L1
L=LS1nH

Br e B ] e
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LP4 = 0.0906
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ID=C3 ID=L4 ID=C4
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G ]| <

PORT
P=2
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Figure 6.14 : Lumped element representation of fifth order Chebyshev type image

results on AWR CAD software given in Figure

performance are perfectly aligned with design specifications.

reject filter.

6.15 shows the fact that filter

However calculated

inductor and capacitor values can not be realized with real lumped elements due

to limited inductance and capacitance ranges provided by manufacturers. Therefore

distributed element realization is chosen for implementation phase. Although there

IRF_Scatter_Parameters_Sth_order

0 = T
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-0.1606 dB -0.001413 dB
-50 - mé:
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% 4 GHz IRF 5 order Mathematical Model
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IRF 5 order Mathematical Model
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Figure 6.15 : Simulation results of lumped element fifth order image reject filter.

are several well-known theoratical methods such as Richard’s Transformations and
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Kuroda Identities to convert filters with lumped element components to distrubuted
element filters [46], calculation complexity exponentially increases with inclusion of
parasitic effects, unintended couplings between distributed elements and fringing fields
at the end of open microstrip lines. Computer aided microwave design softwares with
2-D electromagnetic simulation (EM) capabilities provides convenient approach for
high-frequency distributed element type filter designs. 2-D EM analyzers utilizes
Method of Moment (MoM) solver technique to achieve highly accurate simulation
results. Therefore distrubuted element filter design has been performed on AXIEM

2-D EM simulation tool provided by AWR Design environment.

6.3.2 Distributed element image reject filter design

Instead of using lumped inductor and capacitors, microstrip lines with lengths
lower than guided electrical length of operating frequency can be utilized to
construct reactive elements associated with filter design. Most commonly used
distributed element bandpass filter constructions which consist of microstrip lines
are end-coupled filters, parallel-coupled line filters, interdigital filters and combline
filters. Although interdigital and combline filters can be realized in smaller sizes, their
implementation consists of short stubs that requires ground vias. Since manufacturing
tolerances on shorting vias are harder to control in printed circuit technologies
due to their vertical construction, performance variation between designed and
manufactured filters proliferate with increasing operating frequency. On the other
hand, parallel-coupled line filters exhibit several advantages in comparison with
end-coupled filters. Parallel-coupled line filter lengths consume approximately half the
space that is needed by end-coupled filters with same electrical characteristics. The
gaps parallel-coupled line filters are wider therefore less effected by manufacturing
tolerances where coupling spacing between resonators in end-coupled configuration
are very narrow and critical to design performance [47]. Simplified planar models for
microstrip end-coupled, paralel-coupled, hairpin and interdigital filters are illustriated
in Figure 6.16. Hairpin bandpass filter type is chosen for image reject filter
implementation on account of the fact that planar structure without grounding vias

can be manufacturing with thin-film technology while preserving tight dimension
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Figure 6.16 : Microstrip bandpass filters simplified planar models.
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tolerances. On the other hand, hairpin type bandpass filters occupy approximately half
the area in comparison with parallel coupled type bandpass filters. Filter design has
been performed on AWR Design Environment microwave analysis software. Dielectric
substrate is defined as alumina with dielectric constant of 9.9 and 381um thickness.
Simulations and optimisations steps are run through AXIEM 2D Planar simulator

package. Initial design parameters for the filter taken as
Wy =Wy = W3 = Wy = Ws = 360um
S12=25823=3834=3S45=150um (6.36)
Ay = 3620um

where W, dimensions represent coupled line widths that are equal to characteristic
impedance of 50Q and §,, ;1 dimensions are the coupling spacing between U shaped
resonators. Initial design and its simulation results are shown in Figure 6.17 and Figure
6.18 respectively. Due to fringing field capacitances associated with open-ended
microstrip lines and unintended coupling between non-adjacent resonators, center
frequency of the filter is shifted to higher frequencies and bandwidth of the filter is
widened. Although initial design performance satisfy the image rejection requirement,
insertion loss within passband shows high variation because of the poor return loss

performance. Filter dimensions and consequently performance has been optimized

e o ©
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0 (3] 0w
o o o o o o
Sklot S S g g
_\L o (32] o™ [32] (] o
3150.0
e T T3+ HH AH HH e A
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T
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150.0 150.0 150.0 150.0

Figure 6.17 : Hairpin image reject filter initial dimensions.

by utilizing Particle Swarm optimization method on AXIEM planar electromagnetic
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Figure 6.18 : Hairpin image reject filter initial design simulation results.

simulator. Optimization constraints are given as:

S21 < =50dB within 4000 — 5000 MHz

(6.37)
S11 < —=20dB within 7500 — 8500 MHz.

Obtained filter dimensions and simulation results are shown in Figure 6.19 and Figure
6.20 respectively. Achieved filter performance versus target electrical specifications

are listed in Table 6.7. 2-D and 3-D layout illustration of designed Image Reject

Table 6.7 : Achieved vs target electrical specification of microstrip image reject filter.

Symbol Parameter Target Specification Simulation Result Unit

fe Center Frequency 8000 8100 MHz

BWi4p 1dB Bandwidth >1000 >1600 MHz
IL Insertion Loss <2dB <0.5 dB
IRL Input Return Loss <-10 <-20 dB
ORL  Output Return Loss <-10 <-20 dB
IR Image Rejection >50 @ LO-2IF 54 @ LO-2IF dB

Bandpass Filter MIC board is shown in Figure 6.21 and Figure 6.22 respectively.
Image Reject Filter MIC design consist of alumina substrate, microstrip 50 ohm
interconnection and coupled microstrip transmission lines. Microstrip transmission
lines are centered on the alumina carrier for convenient assembly with other designed

MIC boards. End points of RF transmission line are enlarged to add capacitive
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Figure 6.20 : Hairpin image reject optimized filter simulation results.
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reactance to compansate inductive effect of bonding wires. Total area of the Image

Reject Filter MIC board is confined within 128mm?.

16000.0

4000.0

8000.0 u

Figure 6.21 : Hairpin image reject filter 2-D visual.

N

g

Figure 6.22 : Hairpin image reject filter 3-D visual.

6.4 Mixer MIC Design

Mixer microwave integrated circuit (MIC) is designed to accomplish frequency
downconversion operation. Electrical parameters of the selected part has been given
in Table 5.2. Double balanced design architecture allows rejection of even order
intermodulation products of both RF and LO signals at the mixer output. MxN spurious

output table is given in Figure 6.23.
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nLO
mRF 0 1 2 3 4
0 XX 6.5 33.5 30.5 295
1 1S 0 37.5 385 57.5
2 =75 69.5 66.5 66.5 =75
3 > 175 > 75 > 75 625 > 75
4 > 75 > 75 > 75 > 75 > 75

RF=10.1 GHz @ -10 dBm
LO=10.0 GHz @ +13 dBm
All values in dBc below the IF output power level (IRF - 1LO)

Figure 6.23 : Spurious output table of double balanced mixer die.

Conversion gain of the mixer varies between -7 to -6 dB within temperature range
of —40°C to + 85°C while driving the mixer with +13dBm local oscillator signal.
As local oscillator drivel level decreases, conversion gain performance of the mixer
diminished due to inadequate switching of internal microwave diodes utilized inside
mixer die. Conversion gain versus temperature and LO drive level is given in Figure

6.24 and Figure 6.25 respectively. Return loss performance of the chosen mixer

——+25C
—4—+85C [
—&—-40C

i _

I S = S e
— —1—— -
%:__:r/:r’ "‘-—.__._._‘F—-Ai._,_“____ I—_:_“__i_.“\--

Conversion Gain/dB
\\
e
7 /

5 ] 7 a ] 10 11 12 13 14 15

Frequency/GHz
Figure 6.24 : Mixer conversion gain vs temperature graph.

die presents broadband RF and LO input match within 8-14 GHz frequency range
which is shown in Figure 6.26. Although RF and LO return loss performance of

the mixer part can be improved by implementing external microstrip matching circuit
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Figure 6.25 : Mixer conversion gain vs LO drive level graph.

within frequency band of interest, design of impedance matching circuit requires
scatter parameters of the mixer part. However; non-linear operation of mixers result
in variation of scatter parameters with different LO drive power levels. Therefore,
scatter parameters of the mixer part should be obtained by characterisation based
on application parameters. In order to provide a opportunity to improve return loss
performance of the manufactured Mixer MIC, impedance tuning pads has been placed
on the carrier. 2-D and 3-D layout illustration of designed Mixer MIC board is shown
in Figure 6.27 and Figure 6.28 respectively. Mixer MIC design consist of mixer
die part, alumina substrate, microstrip 50 ohm interconnection and RF grounding
vias. Since double balanced mixer is a passive microwave circuit, no biasing and
decoupling scheme is required in design. Interconnection between microstrip lines
and Mixer MMIC die are implemented by 25um gold wires. Several tuning pads are
placed adjacent to RF and LO input lines to provide external matching option in testing
phase. Microstrip transmission lines are centered on the alumina carrier for convenient
assembly with other designed MIC boards. End points of RF transmission line are
enlarged to add capacitive reactance to compansate inductive effect of bonding wires.

Total area of the Mixer MIC board is confined within 96mm?.
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Figure 6.26 : Mixer RF and LO input return loss graph.
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Figure 6.27 : Mixer MIC 2-D visual.
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Figure 6.28 : Mixer MIC 3-D visual.

6.5 Local Oscillator Frequency Multiplier MIC Design

Direct synthesis of high frequency local oscillator signal presents various challanges
to designers. One of these challanges arise from limitations of input frequency range
of locking circuits such as PLLs. On the other hand, phase noise performance of
the oscillator source degrades as oscillation frequency increases. Direct synthesis of
frequencies than are higher than S-Band, prevents to use packaged lumped elements at
oscillator design since parasitics associated with packages limits the highest achivable
frequency range of LC resonators. Frequency multiplication method enables the use
stable local oscillator source with much lower frequency which will be multiplied to
achieve required frequency range at the end of LO signal chain. SAR Receiver frontend
LO signal that will be driven to downconversion mixer stage is located in C-Band
spectrum. Frequency multiplication method is chosen to enable lumped element VCO
design to generate S-Band signal that can be fed back to phased-locked-loop circuit.
Stable oscillator source is multiplied by order of two to achieve required C-Band LO

signal.

6.5.1 Frequency multiplier topologies

Frequency multipliers are non-linear microwave circuits that generate multiples of

input frequency at the output spectrum. In case of applying a continous sine wave
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of Vin(t) to frequency multiplier
Vin (l‘) = ViCOS[(DINZ + ¢1N] (6.38)

where V; represents amplitude constant, @yy is frequency in radian and ¢y is the phase

of the input signal, resulting output signal can be expressed as:
Vour (t) = AVicos[n( oyt + ¢in) + Paguir] (6.39)

where 7 is the multiplication factor, ®,;,;; is the phase of the multiplier itself and
A represents the gain of the frequency multiplier circuit. Frequency multipliers
can be divided into two subcategories as passive and active multipliers depending
on biasing required for the circuits. Most commonly used non-linear elements for
passive frequency multipliers are schottky diodes, varactor diodes and step-recovery
diodes. Each diode type presents different conversion response function due to
their distinct junction voltage-current characteristics. Frequency multiplier designs
that consists of varactor or step-recovery diodes have highly reactive input and
output impedances because of the fact that varactor and step-recovery diode based
designs take advantage of diodes’ non-linear capacitance characteristics. Since
broadband impedance matching to purely reactive devices results in impractical
matching solutions, they are usually used for narrowband applications. On the other
hand, schottky diodes can be used to achieve relatively broadband frequency response
due to their resistive part in their impedance. However, schottky diode frequency
multipliers exhibit reduced conversion efficiency in comparison with varactor or
step-recovery diode frequency multipliers due to aforementioned resistive impedance
characteristics. Varactor and schottky diode based simplified frequency multiplier
circuits have been illustrated in Figure 6.29. Harmonic idler circuits are resonant
LC or microstrip structure that are used to suppress generated harmonic signal in order
to reduce the leakage to input port and prevent any unwanted further multiplication.
Purpose of the fundamental idler circuits are similar to harmonic idlers which is to
suppress fundamental signal presented at the multiplier output. Input and output
matching circuits provide optimum power transfer to non-linear device for efficient

frequency conversion. Bandpass filter centered at the desired harmonic frequency

85



ensure high fundamental signal and unwanted harmonic signal rejection performance

[20] [48] [21]. Active frequency multipliers exploit the non-linear characteristic of the
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(b) Schottky diode multiplier.

Figure 6.29 : Simplified diode based frequency multipliers.

microwave devices that are operated in cut-off and saturation region. Main advantages

and disadvantages of the active multiplier design topology in comparison with passive

diode multipliers can be listed as;

* Advantages:

— Lower input signal drive level requirement

— Conversion gain instead of conversion loss

— Suitable for wideband operation due to practical broadband matching.

* Disadvantages:

— Consumes power even though its small

— Requires DC biasing circuit

— Very hard to achieve multiplication factor more than two (n>2).
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Microwave field effect transistors and bipolar junction transistors can be used to
implement frequency multipliers with very low noise and conversion gain over wide
input bandwidths. Due to their inherent signal amplification characteristics, input
signal drive level can be kept low which in turn removes the driver amplification stage
from the design that is required for passive diode based multipliers. Therefore active
frequency multiplier topology is chosen for local oscillator frequency multiplier circuit
design. Simplified representation of active frequency multiplier circuits in doubler

configuration are shown in Figure 6.30.
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(b) BJT frequency doubler.

Figure 6.30 : Simplified active frequency multipliers in doubler configuration.

6.5.2 S-Band to C-Band frequency doubler design

Small number of manufacturers provide space qualified discrete microwave FETs and
BJTs due to very limited number of applications they are required. On the other hand;
beside reliability issues, electrical characteristic of the selected non-linear element

should be compatible for the application such as input and output impedance, bias
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voltages, maximum attainable gain and noise figure. Among the limited number
of parts, SiGe Heterojunction Bipolar Transistors (HBT) manufactured by Infineon
provide high gain, low noise figure, medium output power and single bias supply
operation with transition frequency of 40 GHz . Furthermore, SiGe HBTs’ input and
output impedance characteristics are well suited for practical matching to frequency of
operation up to C-Band. Electrical characteristics of chosen SiGe HBT are listed in

Table 6.8.

Table 6.8 : SiGe HBT electrical characteristics.

RF Electrical Characteristics

Parameter Symbol min. typ. max. unit
Transition Frequency

Jo=30mA, Vep =3V, f=20GH, 11 20 22 - GHz
Collector-Base Capacitance

Vep= 2V, Vgg =0, f=1 MHz Cen - A s
Collector-Emitter Capacitance

Vizg= 0.5V, Vep = 0, f=1 MHz Cce - 046 085 pF
Emitter-Base Capacitance

Vieg = 0.5V, Vep = 0, f=1 MHz Ces - 067 3 pF
Noise Figure

Ic = 5mA, Veg =2V, f= 1.8GHz P - I 9
Power Gain

Ic=20mA, V=2V, {=1.8 GHz, Gms - 21 - dB
Zs=71=50 Ohm

1dB Compression Point Pius i 12 _ dBm

1c=20mA, Vep=2V, f=1.8 GHz

6.5.3 Theory of operation

Bipolar transistors can be considered as voltage controlled current sources. Voltage
applied between base-emitter junction of the transistor Vpg induce current flow through
base of the transistor. Base current Iz is multiplied by the gain of the transistor and
generates amplified collector current Ic. Simplified 7 model of a microwave bipolar
junction transistor with common emitter configuration is shown in Figure 6.31 [49].
Small-signal relationship between base-emitter voltage and collector current can be

expressed as

Ic = Ig(e"/Vr — 1) (6.40)
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Figure 6.31 : Bipolar junction transistor.

where [ is saturation current of the transistor and Vr represents thermal voltage.

Expanding exponential term with Taylor series result in

(Vse/Vr)? y (Vee/Vr)?

IC%IS[l—{-(VBE/VT)-i- 2 3

+..]. (6.41)

Considering applying a sinusoidal waveform to base-emitter junction of the transistor

with DC bias of Vpc, Vg becomes
VBE (l) =Vpe —|—ACOS((DZ‘ + (P) (6.42)

Inserting equation 6.42 into 6.41 and neglecting higher order terms reveals the

non-linear function between base-emitter voltage and collector current;

1
le(t) = Is[1+ (Ve /Vr) + 2 (Vi +Acos(0t + 6))’] (6.43)
T
2
1e(6) ~ Is[1 + (Vg /Vir) + ZL‘/Z(V,%CHVDCACOS(W +)) +A7cos(2wr+z¢))].
T
(6.44)

Equation 6.44 shows the fact that collector current carries DC, fundamental and second
harmonic component at the output spectrum where second harmonic power level is
related to squared function of the input power level. Strong non-linear components
can be generated by abrupt limitation on collector current flow. RF signal driven
to base of the BJT with adequate power level results in continous switching action
which in turn generates harmonically rich output spectrum. Simplified base-emitter
voltage, collector current and collector-emitter voltage waveforms of an microwave

BIJT frequency multiplier are illustriated in Figure 6.32.
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Figure 6.32 : Microwave BJT frequency multiplier signal waveforms.

6.5.4 HBT modeling

Design of a non-linear microwave circuit requires detailed large-signal model for the
non-linear elements used in the design. Large-signal model enable to see circuit
response in all operation regions that is active, saturated and cut-off operations
throughout computer aided simulations. Detail and complexity of the model directly
effects the accuracy of the simulations results in comparison with actual performance
of the manufactured samples. Consequently, several device models has been developed
for HBTs in order to achieve accurate CAD simulation results. First practical large
signal BJT model was introduced by Ebers and Moll [50]. Fifteen years later, Gummel
and Poon improved the model by involving Early Effect, Sah-Noyce-Shockley Effect,
Webster Effect and Kirk Effect that are identified after studies of Ebers and Moll
[51]. Even though various enhanced HBT models published by the researchers
based on Ebers-Moll and Gummel-Poon models, Gummel-Poon model is still most
widely used large-signal model for non-linear simulation environments. Although

Heterojunction Bipolar Transistors (HBTs) present significant differences with respect
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to Bipolar Junction Transistors (BJTs) due to different semiconductor materials and
physical structure used in construction and manufacturing, Gummel-Poon model
elegantly covers the HBTs as well as BJTs. Schematical representation and SPICE
parameters of the HBT Gummel-Poon model has been given in Figure 6.33 and Table
6.9 respectively. Large-signal spice model also includes parasitic capacitances and

inductances owing to packaging of the device.
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Figure 6.33 : Gummel-Poon bipolar junction transistor model.

6.5.5 SiGe HBT characterisation

AC and DC analyses has been performed on constructed HBT SPICE model with
parameters listed in Table 6.9. Firstly, current-voltage relationships of the transistor
with DC voltage excition is derived to choose proper operating bias point. This
characteristics are shown in well known current-voltage (IV Curve) curves. Secondly,
AC analysis with several biasing condition has been run to understand impedance
behaviour of the transistor based on different bias voltage and currents. However linear
AC analysis on the transistor is not sufficient to properly characterize input and output
impedances of the element since frequency multiplication with high conversion gain

can be achieved with highly non-linear operating conditions. Therefore non-linear AC
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Table 6.9 : SiGe HBT Gummel-Poon model SPICE parameters.

Parameter Abbreviation Value Unit
Base-Emitter Parasitic Capacitance CBEPAR 5.592E-014 F
Base-Collector Parasitic Capacitance CBCPAR 1.143E-013 F
Collector-Emitter Parasitic Capacitance CCEPAR 1.596E-013 F
Base Parasitic Inductance LB 7.42E-010 H
Emitter Parasitic Inductance LE 1.656E-010 H
Collector Parasitic Inductance LC 7.7E-010 H
Base-Emitter Package Capacitance CBEPCK 4.741E-014 F
Base-Collector Package Capacitance CBCPCK 1.135E-015 F
Collector-Emitter Package Capacitance CCEPCK 4.48E-014 F
Base Package Inductance LBX 2.339E-010 H
Emitter Package Inductance LEX 4.189E-011 H
Collector Package Inductance LCX 2.243E-010 H
Substrate Resistance RSub 176.4 Ohm
Saturation Current IS 3.753E-017 A
Forward Current Gain BF 140.8 -
Forward Ideality Factor NF 0.9996 -
Forward Early Voltage VAF 59.18 \"
Forward Current Knee IKF 0.6604 mA
Base-Emitter Leakage Current ISE 1E-014 A
Base-Emitter Leakage Ideality Factor NE 2 -
Reverse Current Gain BR 13.61 -
Reverse Ideality Factor NR 0.9938 -
Reverse Early Voltage VAR 2.685 \Y
Reverse Current Knee IKR 0.007013 mA
Base-Collector Leakage Current ISC 3.49E-016 mA
Base-Collector Leakage Ideality Factor NC 1.5 -
Base Resistance RB 11.99 Ohm
Minimum High-Current Base Resistance RBM 1.521 Ohm
Emitter Resistance RE 0.3062 Ohm
Collector Resistance RC 2.152 Ohm
Temperature Scaling Term for Current Gain XTB 0.1187 -
Energy Gap EG 1.11
Temperature Scaling Term XTI 4.162 -
Base-Emitter Junction Intrinsic Capacitance CIJE 5.621E-013 F
Base-Emitter Built-In Potential VIE 0.4892 \"
Base-Emitter Grading Coefficient MIJE 0.2565 -
Forward Transit Time TF 4.83855E-012  ns
Coefficient for Bias Dependance of TF XTF 6.245 -
Coefficient for VBC Dependance of TF VTF 10.66 -
High Current Parameter for TF ITF 0.5436 -
Base-Collector Junction Intrinsic Capacitance cJIC 1.227E-013 F
Base-Collector Built-In Potential VIC 0.8453 \Y
Base-Collector Grading Coefficient MJC 0.6803 -
Reverse Transit Time TR 4.7TE-009 ns
Coefficient of Forward-Bias Depletion FC 0.4148 -
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analysis applied to transistor model with different power levels. Obtained nonlinear

scatter parameters are used for impedance matching circuitry in following subsections.

6.5.5.1 DC-IV curve

Main purpose of DC-IV curves is the obtain insight on behaviour of the non-linear
devices. Sweeping collector voltage and base current simultaneously and plotting the
correlated collector current-voltage values in the graph produce representation of the
device behaviour in static biasing conditions, which is DC-IV curves. Collector voltage
and base current are limited to 4.0 VDC and 0.3 mA respectively due to maximum
electrical specification of the chosen HBT. Base current is swept between 0 to 0.3mA
with 0.05mA resolution. Obtained DC-IV curve of the SiGe HBT is shown in Figure
6.34.
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Figure 6.34 : SiGe HBT DC-1V curve.

6.5.5.2 Linear scatter parameters

HBT port impedances varies with different biasing points. Understanding and avoiding
the bias conditions which causes large impedance changes on the transistor ports
simplify the impedance matching stage that will take place in further design process.
Linear input and output normalized impedances of the HBT within frequency range of

1-8GHz are casted on smith chart and shown in Figure 6.35. Base current has been
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swept between 0.05SmA to 0.3mA with 0.05mA resolution. As it can be seen from

1 _HBT Linear Scatter Parameters SmithChart
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Figure 6.35 : SiGe HBT linear scatter parameters - Smith Chart.

Figure 6.35, base current value of S0uA slightly lowers the resistive part of the port
impedances. Therefore HBT bias circuit will be adjusted to allow higher base current

than S0uA to prevent bias related impedance changes on the transistor ports.

6.5.5.3 Non-Linear scatter parameters

Aside from biasing point dependency, port impedances of the HBT are also effected
by AC signal power level presented on base and collector ports due to intrinsic P-N
junctions residing in physical structure of HBT which acts like forward biased diodes
in high drive levels. Nonlinear input and output normalized impedances of the HBT
within frequency range of 1-8 GHz are casted on smith chart and shown in Figure
6.36. Base current and collector-emitter voltage has been taken as 0.1mA and 4.0
VDC respectively. Input power drive level is swept between -5 to +5 dBm. Figure 6.36
shows the fact that input impedance of the HBT with common emitter configuration
exhibit susceptability to drive levels. As power level of the AC input signal increases,

port impedances present negative reactances. Consequently, impedance matching will
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Figure 6.36 : SiGe HBT non-linear scatter parameters - Smith Chart.
be performed after defining DC bias points and fundamental signal drive level in the
process of HBT based frequency multiplier design.
6.5.5.4 Conversion gain

Conversion gain in frequency doublers is defined as ratio of 2nd harmonic output signal

power to fundamental input signal power:

Pour [2"¢Harmonic]

GCONV = S21 [f() * 2] [f()] = (645)

Py|[Fundamental]

Since conversion gain is one of the most important electrical parameters that defines
performance of the active multipliers, choosing optimum biasing point and drive level
is considered as a crucial design step. In order to investigate the conversion gain of
the HBT with various bias and input drive level condition, non-linear swept analysis
has been performed on the unmatched HBT. Input frequency and output frequency is
fixed to 2600 and 5800 MHz respectively. Swept parameters are listed below with limit

conditions:

* Ve 1 1.0V-4.0V with 1V steps
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e Ip: 0.1mA-0.3mA with 0.1mA steps

* PWRyy : -5 to +5 dBm with 1dB steps.

Conversion gain graph with aforementioned swept parameters has been given in Figure

6.37. Blue lines, pink lines and brown lines represents base current bias with 0.1mA,
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Figure 6.37 : SiGe HBT non-linear conversion gain graph.

0.2mA and 0.3mA respectively. Conversion gain graph indicates the fact that highest
conversion gain can be achieved by fundamental signal drive level and bias conditions

listed in Table 6.10.

Table 6.10 : Frequency doubler bias and fundamental drive conditions.

Parameter Abbreviation  Value  Unit
Collector-Emitter Bias Voltage Vee 4.0 \"

Base Current Ip 0.1 mA

Fundamental Input Drive Level PINg 4. -1 dBm

6.5.5.5 Dynamic load line

Defined DC collector bias voltage and base current are applied to microwave transistor
through voltage divider and current limiter resistors. Schematic diagram of bias circuit
has been given in Figure 6.38. Dynamic load line analysis is performed to understand
if circuit is operating within non-linear region with chosen bias points and input drive

level. Dynamic load line of the frequency multiplier is cast onto DC-IV curve of
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Figure 6.38 : SiGe HBT frequency doubler bias circuit schematic.

the HBT. Dynamic load line versus DC-IV curves has been given in Figure 6.38.

Dynamic load line of the operating circuits proves the non-linear operating conditions
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Figure 6.39 : SiGe HBT frequency doubler dynamic load line.

where pink line reachs above linear operating region of the HBT and goes down to

cut-off region. Driving the transistor up to saturation region and down to cut-off

97



region provides abrupt signal clipping in time domain which results in harmonically

rich output spectrum as explained in Subsection 6.5.3.

6.5.5.6 Idler circuits

Ideal frequency doublers receive the input signal with fundamental frequency and
produce the output frequency that has twice the fundamental signal frequency while
rejecting fundamental and higher order harmonics at the output spectrum. In reality,
generating a spectrum with pure second harmonic is not possible due to higher order
and fundamental frequency terms residing in the response function of the non-linear
circuits. However these unwanted products can be reduced with method known as
idler circuits. Idler circuits are microstrip lines that are placed at the input and output
ports with the purpose of providing short circuit path to second harmonic signal at the
input port and short circuit path to fundamental signal at the output port. In case of
open circuit stub utilisation, two cascaded quarter wavelength lines of 2nd harmonic
frequency effectively short circuit the leaked output signal at the input port. Identical
approach is followed to place two cascaded quarter wavelength lines of fundamental
frequency on the HBT output to supress fundamental signal at the output spectrum.
Electrical line lengths of 2.9GHz fundamental and 5.8GHz 2nd harmonic signal is
calculated with AWR Design Environment TX-Line tool. Calculated results are used
to define idler microstrip line lenghts. Additional tuning is applied to compansate
open-end effect of open stub. Therefore idler line lengths are increased by 200um
more than calculated values. Calcution parameter and results are given in Figure
6.40. Schematic diagram and layout drawing of the frequency doubler with bias and
idler circuits is given in Figure 6.41 and Figure 6.42 respectively. Fundamental
signal rejection response at output port has been simulated by driving the circuit
with bias conditions given in Table 6.10. Frequency versus output power graph
demonstrates more than 30dB rejection is achieved at fundamental frequency of 2.9
GHz. Identical analysis has been performed for 2nd harmonic rejection response at
the input port. Frequency versus input leakage graph demonstrates more than 80dB

rejection is achieved at 2nd harmonic frequency of 5.8 GHz leaked back to input port.
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Figure 6.40 : Quarter wavelength calculation using AWRDE TXline tool.

Figure 6.41 : SiGe HBT frequency doubler schematic with bias and idler lines.
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Figure 6.42 : SiGe HBT frequency doubler layout with bias and idler lines.
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Figure 6.43 : Frequency doubler fundamental rejection graph with idlers.
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Reverse isolation of the transistor is the other main contributer of the high rejection

value besides idler circuit.
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Figure 6.44 : Frequency doubler 2nd harmonic leakage graph with idlers.

6.5.5.7 Impedance matching

In order to improve the conversion efficiency of the designed frequency doubler,
reactive impedance matching circuits have been designed on input and output ports.
Impedance matching for the frequency doublers slightly differs from linear circuits
because of the fact that frequencies of interest are not equal to each other at input
and output ports. Therefore reactive matching circuit for the input port of the HBT is
centered to fundamental signal while output port is matched to 2nd harmonic of the
input signal. Impedance matching methods described in Section 6.2 are followed
for matching circuit design. Input and output nonlinear scatter parameter of the
circuit prior to impedance matching have been given in Figure 6.45a and Figure
6.45b respectively. Microstrip open stubs has been placed on the input and output
transmission lines to produce required reactances. Radial stubs are preferred to achieve
wider bandwidth. Completed frequency doubler circuit schematic and layout has been
shown in Figure 6.46. Input and output return loss after impedance matching has
been given in Figure 6.47 on rectangular format. Input return loss performance

of the frequency doubler circuits performs better than -10dB within 250MHz input
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Figure 6.45 : Frequency doubler pre-matching non-linear scatter parameters.
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(b) Frequency doubler layout.

Figure 6.46 : Frequency doubler final schematic and layout.
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bandwidth. On the other hand, output return loss is lower than -10dB within more than

1 GHz bandwidth.

6.5.5.8 MIC design layout

S-Band Frequency multiplier has been designed on alumina substrate with 381um
thickness. DC blocking series capacitors are placed on input and output ports to block
current leakage to subsequent design blocks. Decoupling capacitors placed parallel to
bias lines provide RF ground path to high frequency signals and reduce the voltage
ripple on the bias lines. 25um gold wires are used for Interconnections between
wirebondable parts and microstrip lines. Additional tuning pads are placed adjacent
to input transmission line, output transmission line, fundamental idler open stub and
2nd harmonic idler open stub. Total area of the circuit is confined within 240mm?. 2-D
and 3-D layout illustration of designed MIC board is shown in Figure 6.48. Total DC

power consumption of the design is 50.5mW.

6.5.5.9 S-Band frequency doubler MIC performance results

Designed doubler circuit exhibits higher than 0 dB conversion gain within 600 MHz
bandwidth centered at 3GHz input frequency. Highest conversion gain of ~ 3.7dB
is achieved at target fundamental frequency of 2.9GHz. On the other hand, output
spectrum graph indicates the fact that more than 25dB fundamental and 3rd harmonic
rejection are obtained due to idler microstrip lines. Conversion gain and output
spectrum results has been demonstrated in Figure 6.49 and Figure 6.50 respectively.

Electrical specifications of the SiGe HBT based S-Band Doubler MIC design are listed
in Table 6.11.

6.6 Harmonic Supression Filter Design

Frequency multiplication operation through S-Band frequency doubler produce
residual fundamental signal and higher order harmonics at the output spectrum even
though they are highly attenuated. Further unwanted signal rejection is accomplished
by Harmonic Suppresion Filter that is placed after frequency multiplication stage.

Main purpose of the Harmonic Supression Filter is to further filter out fundamental and

103



7_Frequency Doubler S11 Matched 7_Frequency Doubler S11 Matched

Swp Max
3.2GHz

Swp Max
3.26Hz

m2:
27 GHz

r 0449495
x 0.397513

m2:
27 GHz

r0.449495
x 0.397513

mi:
29 GHz
r1.08252
x 0.0396074

m1:
29 GHz
r1.08252
x 00396074

m3:
\‘ﬁ< 3.1GHz
r 0300696
X 0375192

m3:
\$< 3.1 GHz
r0.300695
%-0.375192

|-&-LS3nm(PORT 1PORT 1101 0) | Swp Min |- L5Snm(PORT 1PORT 1.1.01.0) |

28GHZ

Swep Min
26GHz

(a) Post-matching input return loss - Smith  (b) Post-matching output return loss - Smith

Chart. Chart.
7_Frequency Doubler Matched Scatter Parameters
0
110 -+ e
-20 m4:
6.563 GHz
10 dB
m1:
-30 2.782 GHz
-10 dB
-2 DB(LSSnm(PORT_1,PORT_1,1_0,1_0)))
S DB(LSSnm(PORT_2,PORT 2,0 1.0 1))
-40
26 3.6 46 56 6.6 7
Frequency (GHz)

(c) Post-matching return loss performance - Rectangular Form.
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Figure 6.48 : S-Band frequency doubler MIC visual representation.
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Figure 6.49 : S-Band frequency doubler MIC conversion gain.
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Figure 6.50 : S-Band frequency doubler MIC output spectrum.
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Table 6.11 : Electrical specifications of SiGe HBT based S-Band doubler MIC.

Symbol Parameter Value Unit
Pin Input RF Drive Level -1 dBm
CG Conversion Gain >0 dB

CGF Conversion Gain Flatness +1.5 dB
S11 Input Return Loss <-10 dB
S22 Output Return Loss <-10 dB
Pro Fundamental Suppresion >27 dBc
Pr3 Third Order Suppresion >25 dBc
Vsupply Bias Voltage 5 A%
Isuppiy Bias Current 10.1 mA

higher order harmonic components while passing through required second harmonic
signal with small insertion losses. Thus bandpass filter frequency response is chosen

as the most suitable filter behaviour.

6.6.1 Mathematical model

As elaborated in detail in Section 6.3, theoratical parameter derivation of a
bandpass filter is initialized with low-pass filter prototype design. Chebyschev
function filter is taken into consideration due to superior rejection and low passband
ripple performance. Minimum number of filter order required to achieve target
frejection performances listed in Table 5.6 is derived by using Equation 6.28.
Subsequently, low-pass prototype coefficients are extracted from Chebyshev Lowpass

Filter Prototype Coefficients given in Table 6.6.

6.6.1.1 Chebyshev type lowpass filter prototype

Minimum number of filter order to satisfy target harmonic supression values which is

stated in Table 5.6 can be calculated by

—1 10(85/10) 1
cosh 100 PBRippic)

> 6.46
"= cosh=1Q ( )

where SS represents highest signal suppression value among fundamental and higher
order harmonics in dB, PBg;,p. represents passband ripple in dB and € is the
unwanted fundamental or higher harmonic frequency normalized to center frequency

of harmonic supression filter. As it can be seen from Equation 6.46, order of the filter
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needed to achieve required supression value increases as passband ripple parameter
decreases. Since received input signals is the stable local oscillator frequency
that will have single frequency component with 1 Hz bandwidth, passband ripple
parameter is not taken into consideration and taken as 0.1dB. On the other hand, filter
implementation with higher supression values would increase the number of filter
order. Due to the fact that higher number of filter order increases the physical size
and complexity of the realizable fillter, a trade-off between filter size/complexity and
unwanted signal supression is investigated to decide filter order for implementation.
Normalized value of Qg is taken as the same value for the fundamental and third
harmonic frequencies since spacing between them to 2nd harmonic signal is equal

to each other.

|<fCenter - fUnwanted)| + (%)
Q= )
BW

_ |5.8GHz—2.9GHz| + (0.25GHz)

=6.3.
0.5GHz

(6.47)

SS = 80dB unwanted signal suppression requirement and €3 = 6.3 normalized
harmonic frequency are inserted into Equation 6.46. Minimum number of stages
versus passband ripple PBg;y ;. values are calculated using Equation 6.48 and given

in Table 6.3.

_ 8 _
cosh™! %—1

> =4.66 6.48
T sk (6.3) (6.48)

In order to have symmetrical filter structure, odd number of filter stage is prefered in

implementation phase. Therefore fifth order filter is chosen as an optimum solution
which can provide 0.1 dB passband ripple while maintaining 80dB harmonic and
fundamental signal rejection. g, coefficients of Chebyshev lowpass prototype filters
are obtained from precalculated coefficient tables. Coefficient values of prototype
filter that represent fifth order and 0.1dB passband ripple are taken from parameter
Table 6.6.

6.6.1.2 Chebyshev type lowpass filter prototype to bandpass filter transformation

Coefficient tables are used to determine inductive and capacitive elements which
constitute microwave filters. Constructed lowpass prototypes can be converted

to lumped element bandpass filters using frequency and element transformation
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equations. Frequency transformation from lowpass prototype to bandpass filter
implementation is performed by calculation steps through Equation 6.31 to Equation
6.31 which are explained in detail in Subsection 6.3.1.2. Calculated lumped element
representation of harmonic supression filter that has 5.8 GHz center frequency and 500

MHz bandwidth is shown in Figure 6.51. Simulation results on AWR CAD software
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Figure 6.51 : Lumped element representation of fifth order Chebyshev type harmonic
supression filter.

given in Figure 6.51 shows the fact that filter performance are perfectly aligned with
design specifications. However calculated inductor and capacitor values can not be
realized with real lumped elements due to limited inductance and capacitance ranges
provided by manufacturers. Therefore distributed element realization is chosen for
implementation phase. Although there are several well-known theoratical methods
such as Richard’s Transformations and Kuroda Identities to convert filters with
lumped element components to distrubuted element filters, calculation complexity
exponentially increases with inclusion of parasitic effects, unintended couplings
between distributed elements and fringing fields at the end of open microstrip lines.
Computer aided microwave design softwares with 2-D electromagnetic simulation
(EM) capabilities provides convenient approach for high-frequency distributed element
type filter designs. 2-D EM analyzers utilizes Method of Moment (MoM) solver
technique to achieve highly accurate simulation results. Therefore distrubuted element
filter design has been performed on AXIEM 2-D EM simulation tool provided by AWR

Design environment.
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Figure 6.52 : Simulation results of lumped element fifth order harmonic suppression
filter.

6.6.2 Distributed element harmonic suppression filter design

Instead of using lumped inductor and capacitors, microstrip lines with lengths lower
than guided electrical length of operating frequency can be utilized to construct
reactive elements associated with filter design. One of the most commonly
used distributed element bandpass filter, Interdigital Type is chosen for Harmonic
Suppression Filter Design due to its smaller size and superiour higher harmonic
rejection.  Since operating frequency of the filter is on C-Band, manufacturing
tolerances on shorting vias are considered negligeble. Filter design has been performed
on AWR Design Environment microwave analysis software. Dielectric substrate is
defined as alumina with dielectric constant of 9.9 and 38 1um thickness. Shorting via
diameter is chosen as 200um with 400um capture pad due to thin film manufacturing

constraints. Simulations and optimisation steps are run through AXIEM 2D Planar
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simulator package. Initial design parameters for the filter taken as
Wi =Wo = W3 = Wy = W5 = 360um
S12 =845 =650um (6.49)
S2.3 =834 = 800um Ag = 5000um
where W, dimensions represent quarterwave coupled line widths that are equal to
characteristic impedance of 50Q and S, ,,; dimensions are the coupling spacing

between quarter wavelength coupled line resonators. Initial design and its analytical

simulation results are shown in Figure 6.53 and Figure 6.54 respectively.
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Figure 6.53 : Interdigital harmonic suppression filter initial dimensions.
In order to achieve more accurate simulation results, AWRDE Axiem planar EM

simulation has been run on designed interdigital filter. Mesh view of the designed

filter is illustriated at Figure 6.55. EM simulation results shows slight frequency
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Figure 6.54 : Interdigital harmonic suppression filter analytical simulation results.

shift to higher frequency band and degraded return loss performance. However
since filter is designed for S00MHz bandwidth, 5.8GHz local oscillator frequency
still fall into passband.On the other hand, return loss better than -10dB is considered
acceptable for microstrip filter implementations. Both analytical and electromagnetic
simulation results indicates the fact that higher order harmonic rejection performance
at high frequencies can not be lowered down to -80dB levels. Unwanted coupling
between resonators results lower suppresion values than expected by theory. Achieved
filter performance versus target electrical specifications are listed in Table 6.12.

2-D and 3-D layout illustration of designed Interdigital Harmonic Suppression

Table 6.12 : Achieved vs target electrical specification of microstrip harmonic
suppression filter.

Symbol Parameter Target Spec. Simulation Result Unit
fe Center Frequency 5800 5900 MHz
BWy4p 1dB Bandwidth >500 >600 MHz
IL Insertion Loss <2dB <1 dB
IRL Input Return Loss <-20 <-10 dB
- Fundamental Suppression <80 > 62 dB
- 3rd Harmonic Suppression >80 >56 dB
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Figure 6.55 : Interdigital harmonic suppression filter Axiem-EM simulator 3-D mesh
view.
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Figure 6.56 : Interdigital harmonic suppression filter EM simulation results.
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Filter MIC board is shown in Figure 6.57 and Figure 6.58 respectively.Interdigital
Harmonic Suppression Filter MIC design consist of alumina substrate, microstrip 50
ohm interconnection and coupled microstrip transmission lines. End points of RF
transmission line are enlarged to add capacitive reactance to compansate inductive
effect of bonding wires. Additional tuning pads have been placed on each side of input
and output transmission lines for future impedance tuning. Total area of the filter board

is confined within 112mm?.
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Figure 6.57 : Interdigital harmonic suppression filter MIC 2-D visual.

6.7 Hybrid Integration

X-Band SAR Receiver Front-End physical placement is divided into two section,
namely; Low Noise Amplification and LO Generation sections. Low Noise
Amplification section consists of X-Band LNA, Image Reject Filter and Downcon-
version Mixer MICs. On the other hand, LO Generation section combines S-Band
Frequency Doubler, C-Band Harmonic Suppression Filter and Buffer Amplifier MICs.
Considering high linearity of chosen LNA die, LNA MIC has been used instead
of designing separate buffer amplifier. Physical separation of the section helps to
reduce unintended coupling between high power LO signals to low power RF input

and DC bias lines. Several consideration has been taken into account for baseplate
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Figure 6.58 : Interdigital harmonic suppression filter MIC 3-D visual.

material selection. Most commonly used low weight-high strength metal alloys such as
aluminum or brass alloys exhibit high coefficient of thermal expansion (CTE). Material
interfaces with different CTE characteristics cause thermal stress on connection surface
when materials encounter temperature variations. Generated thermal stress dimishes
the long-term reliability of the hybrid assembly [44]. Moreover, materials with
higher thermal conductivity present lower temperatures on electronic parts due to
better heat distribution and conduction. Thermal conductiivity and thermal expansion
characteristics of several metal alloys which are frequenctly used in electronics

industry are compared to %99.9 alumina material in Table 6.13 [44]. Although

Table 6.13 : Thermal conductivity and CTE characteristics of most commonly used
metals and metal alloys vs Alumina (A1203).

Material Thermal Conductivity Coefficient of Thermal Expansion

(W/mK) (ppm/K)

Alumina 33 8
Aluminum 237 24
Brass 109 19
Copper 385 17
Steel 50 13
Platinum 71.6 9
Kovar 17 5.5
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copper and aluminum exhibits highest thermal conductivity, their CTE characteristics
makes them unsuitable for high reliability application that will encounter continous
variation on environmental temperature. Therefore Kovar is chosen as the baseplate
material due to its 5.5 ppm/K CTE value which has the closest thermal expansion
match to alumina substrates. Designed alumina substrates are integrated on top of
kovar baseplate and placed in enclosure. RF and DC interconnections between alumina
boards are conducted with 25um gold bonding wires. In order to distribute RF and
DC signals throughout the hybrid assembly, several through lines are included in the
design. 2-D and 3-D views of X-Band SAR Receiver Hybrid Front-End Assembly is
given in Figure 6.59 and Figure 6.60 respectively. Total surface area of the hybrid

design is measured as 61x43mm.

Electrical specifications of designed hybrid front-end is listed in Table 6.14

Table 6.14 : X-Band SAR receiver hybrid front-end assembly electrical

specifications.

Parameter Value Unit
Input Frequency 7500-8500 MHz
Input Bandwidth 250 MHz
Image Rejection >-50 dB

LO Input Frequency 2900 MHz
LO Input Power -1 dBm
Conversion Gain >35 dB

Power Consumption <1100 mW
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Figure 6.60 : X-Band SAR receiver hybrid front-end assembly 3-D visual.
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Figure 6.61 : X-Band SAR receiver LNA MIC wire-bond interconnections - Zoomed view.






7. CONCLUSION

Design procedure of spaceborne instruments/modules has distinct differences in
comparison with terrestrial applications due to challenging radiation tolerance and
reliability requirements. In the scope of this thesis; derived SAR receiver electrical
performance parameters such as signal bandwidth, noise figure, interference immunity
and dynamic range are used to design a unique receiver architecture which is build
upon space qualified state-of-art high reliability parts, materials and technologies.
Every item involved in designed subsections has been investigated for total ionizing
dose tolerance, single event effect vulnerability and operational life. On the other
hand, physical structure of the Receiver Front-End Module is designed to withstand
long-term temperature cycling by utilizing materials with close thermal expansion
coeffecients. Thin-film technology on alumina substrates are chosen to design MIC
boards that enables tight manufacturing tolerances to achieve minimum performance

variation between produced parts.

In conclusion; complete Spaceborne SAR Receiver RF Module design methodology
is presented while following top-down design approach that starts from system
requirements, followed by instrument level design and ends with detailed microwave

circuit design.
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